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ABSTRACT

This master thesis describes the design of a track-and-hold (T&H) circuit
with 10bit resolution, 80MS/s and 30MHz bandwidth. It is designed in a
0.18µm CMOS process with a supply voltage of 1.8 Volt. The circuit is
supposed to work together with a 10bit pipelined analog to digital converter.

A switched capacitor topology is used for the T&H circuit and the amplifier
is a folded cascode OTA with regulated cascode. The switches used are of
transmission gate type.

The thesis presents the design decisions, design phase and the theory needed
to understand the design decisions and the considerations in the design
phase.

The results are based on circuit level SPICE simulations in Cadence with
foundry provided BSIM3 transistor models. They show that the circuit has
10bit resolution and 7.6mW power consumption, for the worst-case
frequency of 30MHz. The requirements of the dynamic performance are all
fulfilled, most of them with large margins.
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1 INTRODUCTION

The track-and-hold (T&H) circuit is a fundamental block for analog-to-
digital (A/D) converters. Its use allows most dynamic errors of A/D
converters to be reduced, especially those showing up when using high
frequency input signals.

1.1 Purpose

The purpose with this project was to design a front-end T&H, to be used
together with a 10bit pipelined A/D converter. It was to be designed in a
0.18µm CMOS process, which only allows a supply voltage of 1.8Volt.

The main design consideration was to minimize the power consumption,
since the circuit is supposed to be used in a mobile transceiver. Low power
consumption is thereby crucial.

1.2 Reading Guidelines

This master thesis starts by presenting the theoretical background needed to
understand the ideas and different structures presented in the chapters that
follow. It is also important for the understanding of how and why some
design considerations are done in chapter 6.

At the end, the results as well as the conclusions are presented. The results
are based on circuit level SPICE simulations in Cadence, with foundry
provided BSIM3 transistor models. Some suggestions for further
improvements and alternative design approaches are also presented.

A brief summary of all the chapters is found below.

Chapter 2. Specification

Presents the specification of the T&H and explains the definitions of
some of the most important parameters.

Chapter 3. Theory

The theory needed for the chapters that follow are briefly presented.
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Chapter 4. Brief Presentation of Different Structures

Some of the most commonly used structures for both track-and-holds
as well as their building blocks are introduced.

Chapter 5. Motivation of Selected Structure

The structures chosen among the ones presented in chapter 4 are more
thoroughly explained and motivated.

Chapter 6. Design

The different steps of the design phase are presented and explained.
Some derivations of the demands on the performances of the different
parts are also performed.

Chapter 7. Results

The simulation results are presented and commented on.

Chapter 8. Conclusions

Some conclusions made during the design are presented, as well as
some suggestions for future improvements.

Appendix I – Derivation of Total Output Noise

Derivation of the total output noise of the track-and-hold circuit.

Appendix II – Derivation of Dependency Table

Derivation of the dependency table, which is used during the design of
the amplifier.

References

Only 14 of the references are referenced to in the text. The others are
used during the literature study phase in the beginning of this work.

1.3 Abbreviations

• T&H - Track-and-Hold

• A/D - Analog-to-Digital converter

• SNR - Signal-to-Noise Ratio
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• SFDR - Spurious Free Dynamic Range

• SNDR - Signal-to-Noise-and-Distortion Ratio

• IMD - Intermodulation

• FS - Full Scale

• THD - Total Harmonic Distortion

• MOSFET - Metal Oxide Semiconductor Field Effect Transistor

• NMOS/PMOS - N-channel MOSFET/P-channel MOSFET

• OP/OP-amp - Operational Amplifier

• OTA - Operational Transconductance Amplifier

• CMFB - Common Mode Feedback

• CDS - Correlated Double Sampling

• RMS - Root Mean Square

• SR - Slew Rate
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2 SPECIFICATION

The specification of the track-and-hold (T&H) can be found in the table
below. The most important parameters are explained in the chapters that
follow.

The signal swings were not specified prior to this work; instead they were
specified during the design phase.

Table 2-1 Specification for the Track-and-Hold.

Sampling Frequency and Input Signal Frequency Range
Parameter Frequency Range Comment
Sampling

Frequency
Range

10 to 80 MS/s

Input Signal
Frequency

Range
DC to 30 MHz

Specification of Input, Clock and Output
Parameter Signal Swing Type Comment

Input 600 mV (Vpp) Differential Defined as FS
Clock 3.6 V (Vpp) Sinusoidal, differential

Output 600 mV (Vpp) Differential

Circuit Parameter Specification
Parameter Requirement Comment

Voltage Gain 0 dB (Nominal)
Unity gain buffer.

DC- 30 MHz
Output DC-

offset < 50 µV
Correlated double
sampling assumed

Hold-mode
feedthrough < -65 dB

Worst case DC - 30
MHz

Dynamic Performance
Parameter Signal Level Signal

Frequency Requirement Comment

SNR -1 dBFS DC – 30 MHz 66 dB
Thermal and

(internal) clock
induced noise

SFDR -1 dBFS DC – 30 MHz 64 dB Highest spurious
SNDR -1 dBFS DC – 30 MHz 61 dB 10 effective bits

Two-tone
IMD -7 dBFS DC – 30 MHz 58 dB -7 dBFS for each tone
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2.1 FS

FS stands for “Full Scale”, and is the same as the peak-to-peak voltage (Vpp)
of the differential signal, or twice the Vpp of one of the input signals (see
Figure 2-1). Therefore, a signal level of –1 dBFS means that the signal level
is 0.89 of the maximum FS signal level.

Figure 2-1 Definition of Full Scale (FS) [1].

2.2 SNR

Signal-to-Noise Ratio (SNR) is defined as:

[ ]dB
powerNoise

powerSignal
log1010SNR 







×=

Maximum SNR is equal to the ratio of the maximum sinusoidal power to the
quantization noise. If oversampling is taken into account, the maximum
achievable SNR for an A/D converter becomes:

( )[ ]dBOSRlog101076.102.6NmaxSNR ×++×=

OSR = Oversampling Ratio =
0

S

f2

f
, where f0, fS are the signal bandwidth and

sampling frequency respectively and N is the number of bits.
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2.3 SFDR

Spurious Free Dynamic Range (SFDR) is defined as the ratio between the
maximum signal component to the largest distortion component [2].

componentdistortionLargest
componentsignalMaximum

SFDR =

2.4 THD

The total harmonic distortion (THD) of a signal is defined as the ratio of the
power of the second and higher order harmonics to the power of the
fundamental for the signal.










 +++=
2
f

2
4

2
3

2
2

V

VVV
log10THD

L

2.5 SNDR

Signal-to-Noise-and-Distortion Ratio (SNDR) is defined as:

[ ]dB
powerDistortionpowerNoise

powerSignal
log10SNDR 10 








+

×=

The maximum SNDR that can be reached with an A/D converter of N bits is
(sine-shaped input signal):

[ ]dBTHD1.766.02NSNDR max −+×=

If the A/D is oversampled the maximal SNDR becomes:

( ) [ ]dBTHDOSRlog101.766.02NSNDR 10
ngoversamplimax, −×++×=

Since we want a T&H that delivers an output signal with at least 10bit
resolution, the SNDR of the T&H must be equal or larger than SNDRmax. On
the other hand, since oversampling is used in the A/D converter, the demand
on SNDR can be relaxed with a magnitude equal to the oversampling factor
below.

( ) [ ]dBOSRlog10 10×
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2.6 Two-Tone IMD

Two-tone intermodulation (IMD) is defined as the ratio between the signal-
power (two different frequencies) to the power of the third order
intermodulation tones ( 21 ff2 − and 12 ff2 − ).

Figure 2-2 Definition of two-tone intermodulation.

2f1-f2 f1 f2 2f2-f1

IMD

Si
gn

al
m

ag
ni

tu
de
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3 THEORY

This chapter treats the basic theory needed to understand for example how
and why certain design considerations are done. The purpose is also to put
the track-and-hold circuit into a context, and from that be able to understand
its task and how different parameters affect the performance of the T&H
itself as well as the surrounding. The emphasis is on the results, not on the
derivations. For those who are interested, the derivations can be found in [3],
[4], [5] or [6] if nothing else is said.

3.1 Basic MOSFET Theory

The figure below shows the important dimensions of an NMOS transistor
and the corresponding schematic symbol.

Figure 3-1 Cross section of NMOS transistor showing the important dimension
parameters and the corresponding circuit symbol [4].
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3.2 Definition of some MOSFET parameters

The different regions of operation are shown in the figure below, where the
I-V characteristics of a transistor are shown. Note that the triode region and
the active region are equivalent to linear region and saturation region
respectively.

Figure 3-2 Regions of operation for NMOS transistor [4].

The expressions for the drain current in each region are as follows for an
NMOS- and a PMOS-transistor respectively (short channel effects not
considered).

NMOS:

( )

( ) ( ) DStnGSDS
2

tnGSoxnD

tnGSDS

2
DS

DStnGSoxnD

tnGSD

VVV0;V1VV
2L

W
CI

VVV0;
2

V
VVV

L
W

CI

VV;0I

<−<λ+−µ=

−<<











−−µ=

<=
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PMOS:

( )

( ) ( ) SDtpSGSD
2

tpSGoxpD

tpSGSD

2
SD

SDtpSGoxpD

tpSGD

VVV0;V1VV
2L

W
CI

VVV0;
2

V
VVV

L

W
CI

VV;0I

<−<λ+−µ=

−<<











−−µ=

<=

Where Cox is

ox

0r
ox t

C
εε=

By using the equations above, the following expressions can be derived by
using the definitions of gm, gmbs and gds [4].

( )( ) Dox0dsTgsox0
gs

D
m I

L
W

C2V1VV
L
W

C
V

I
g µ≈≈λ+−µ=

∂
∂≡ K

m
bsF

mmbs

gs

D
m

bs

T

gs

D

bs

gs

gs

D

bs

D
mbs

g
V22

gg

V

I
g

V

V

V

I

V

V

V

I

V

I
g

η=
−Φ

γ=

⇒⇒
∂
∂==








∂
∂−

∂
∂=

∂
∂

∂
∂=

∂
∂≡ K
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( ) D
2

Tgsox0
ds

D
ds IVV

L

W
C

V

I
g λ≈−λµ=

∂
∂≡

Where
L

1∝λ

3.3 Parasitics

The parasitics of a MOSFET can be modelled in several ways with different
degrees of complexity. Which model to chose depends on the application
and in what stage of the design you are. One common way of modelling the
small signal parasitic capacitances is shown in Figure 3-2. The complexity is
on a reasonable level for being used in the earlier stage of the design, where
calculations by hand are used to get a grip of for example what performance
to expect.

Figure 3-2 Cross section of an NMOS transistor with parasitic capacitances [4].

The equations for the parasitics can be found in Table 3-1. The derivations
are not shown, but can be found in [7].
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Linear region














=φ

2
i

DAB
0

n

NN
ln

q

Tk NA= Acceptor concentration
ND= Donor concentration ni=Intrinsic concentration

oxovoxgsgd CWLWLC
2

1
CC +==

0

sb

s0j

dbsb
V

1

2

WL
AC

CC

φ
+







 +

==

Saturation region
Ps, Pd =

Source and drain perimeter
As, Ad =

Source and drain area
Cj0, Cj-sw0 = constant

oxovoxgs CWLWLC
3

2
C += oxovgd CWLC =

( ) swjsjss

swssbsb

CPCWLA

CCC

−

−
++=

=+′=

swjdjdd

swddbdb

CPCA

CCC

−

−
+=

=+′=

0

SB

0j
js

V
1

C
C

φ
+

=

0

SB

0swj
swj

V
1

C
C

φ
+

= −
−

0

DB

0j
jd

V
1

C
C

φ
+

=

Table 3-1 Equations for calculating parasitic capacitances in linear- and
saturation-region.

3.4 Noise in MOSFET

Flicker noise ( f1 -noise) and thermal noise are the dominant noise sources in
MOSFET transistors working in the active region. That is why the noise
model often used is the one in the figure below.

Figure 3-3 Noise model for MOSFET in saturated (active) region [4].
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3.4.1 Flicker Noise (1/f noise)
The flicker noise is a result of vacant trap levels for the majority carriers
[7][8]. This will result in trapping of some of the majority carriers in a
random manor. From the world outside this appears as noise. The flicker
noise is modelled as a frequency dependent voltage source in series with the
gate, of value

fWLC

K
)f(V

ox

2
g =

Where K is dependent on the characteristics of the device, it can therefore
vary a lot between different processes.

Worth noting is that a PMOS transistor has got lower flicker noise since its
majority carriers (holes) are less likely to be trapped.

3.4.2 Thermal Noise
For a transistor in the triode region the thermal noise is simply due to the
channel resistance giving a thermal noise current in the drain. The noise
current is then given by:

ds

B2
d r

Tk4
)f(I =

When the transistor is in the active region the channel cannot be considered
homogenous. The resistance giving rise to the thermal noise must then be
derived by integrating over small portions of the channel. The resulting
expression for the noise current then becomes:

mB
2
d g

3

2
Tk4)f(I 






=

For the case where VDS=VGS-Vt.

3.5 Current Mirrors

To bias an amplifier (set the desired bias currents) one would like to use a
current source that is as close to an ideal current source as possible. This
means that the current source should have high output impedance.
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To realize a current source, current mirrors are often used and to bias an
amplifier, current mirrors are almost always used. According to above, the
current mirror should be designed to have as high output impedance as
possible. How can this be done?

Take a look at the cascode current mirror and its equivalent small signal
circuit below.

Figure 3-4 Cascode current mirror and its equivalent small signal circuit.

From the equivalent small signal circuit above the output resistance is
derived below:

(a) ( ) 4dsx2dsxout2mx gVgVVgV =−+−

(b) ( ) 2dsx2dsout2mx2dsxout2mxout gVgVgVgVVgVI −+−=−+−=

(a), (b) => ⇒≈〉>>〈≈
++

=
2m

4ds2ds
outdsm

4ds2ds2m

4ds2ds
outout g

gg
Vgg

ggg

gg
VI

4ds2ds

2m
out

out

out
gg

g
R

I

V ==

From above we have that the output impedance is equal to
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224d
4ds2ds

2m
out LWLconstantkeptI

gg

g
R ∝〉〈∝=

To maximize the output impedance, large lengths and maximum W2 should
be used.

3.6 Feedback

Figure 3-5 Negative feedback amplifier block diagram [3].

Feedback is often used to linearize and/or increase the bandwidth of
amplifiers. The output noise referred to the amplifier (“a” in Figure 3-5) can
also be reduced in some cases [9]. Feedback can also be used to make the
amplifier unstable and thereby creating an oscillator. In this design feedback
is used to create a unity gain buffer and to be able to perform double
correlated sampling.

3.6.1 Settling Time
The settling time is the time it takes for the signal to settle within a certain
wanted range [3]. It is illustrated in the figure below, where TS is the settling
time.

Figure 3-6 Settling time [3].
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The Laplace transform of the error (ε in Figure 3-5) becomes:

)s(V
)s(A1

1
)s( INf+

=ε

If the input signal is a step with amplitude one and the final value theorem is
applied [3], it results in the following expression for the error.

0
0st

e
)0(A1

1

s

1

)s(A1

1
slim)t(lim =

+
=

+
=ε

→∞→ ff

This error (e0) is called the “error coefficient for linear settling”. For this
error to be zero, the DC-gain of the amplifier (A(0)=A0) should be infinitely
large.

From the expression above the minimum DC-gain that the amplifier need, to
settle within a certain range can be derived (if linear settling is assumed).

0
0 e

1
AgainDCA(0)large)0(A

f
≈==⇒
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3.6.2 Linear Settling
A first order system or a system approximated with a first order system
undergoes linear settling, i.e. the output looks something like in the figure
below.

Figure 3-7 Output from system undergoing linear settling.

For a system with linear settling the following expression is valid for the
output [3][9].





























−=
−

sett
τ

t

e1K)t(VOUT
TdB3

sett
11

βω
=

ω
=τ

−

β is equal to f in Figure 3-5 and settτ is the settling time constant. K is just a

constant and ω-3dB and ωT are the 3dB-bandwidth and unity gain angular
frequency respectively.

From the expression above, the unity gain frequency (fT) can be derived.

t(s)

M
ag

ni
tu

de
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τ
πβ

=
πβτ

=⇒

n

t
2

1

2

1
f

settsett
T

nτ = number of time constants it takes to settle within the [-P,P] range (see
Figure 3-6).







=τ P

1
lnn

By assuming that the Operational Transconductance Amplifier (OTA)
undergoes linear settling, both fT as well as A0 (DC-gain) can be derived, if
both the largest acceptable error as well as the range that the output signal
should settle within are known. This will be used during the design phase of
the OTA.

3.7 Minimum Theoretical Power Consumption for T&H

The most basic track-and-hold circuit only consists of a switch and a
capacitor.

Figure 3-8 Basic track-and-hold circuit.

If the switch and the capacitor are assumed to be ideal, i.e. they do not
consume any power due to parasitics and other non-ideal effects, the
minimum theoretical power consumed when performing track and hold can
be calculated. The worst case occurs when the maximal input voltage is
sampled on the capacitor (CS) every period. According to Nyquist’s
sampling theorem, the maximum input frequency is half the sampling
frequency (fS/2). If it is also assumed that the maximum input voltage is
equal to the supply voltage (Vdd), so that VFS is equal to Vdd/2, and that the
capacitor is completely discharged between every sample, it results in the

following expression for the power consumed
2
f2

ddVCP s
Sworstmin, =

Assuming: CS = 1.5pF, Vdd = 1.8V, fS = 80MHz, gives: Pmin,worst = 0.2mW
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3.8 Common Mode Feedback (CMFB)

One of the drawbacks with fully differential amplifiers is that their common-
mode output level is not constant. It varies in time and introduces distortion
into the circuit. Common-mode feedback (CMFB) is therefore almost always
needed and used to suppress the common-mode variations at the output, and
thereby stabilising the output common mode level.

In the figures below it is clearly shown why common mode feedback should
be used. When it is not used the signal is strongly modulated by the common
mode variations, but when CMFB is applied the common mode variation are
suppressed and the modulation is thereby lower. The scales are the same in
the figures below to make it easier to compare and understand why CMFB
should be used. The CMFB used in this design is found in Figure 6-6.

(a) (b)

(c) (d)

Figure 3-9 (a)−−−−Signal before CMFB (b)−−−−Signal after CMFB
(c)−−−−Spectrum before CMFB (d)−−−−Spectrum after CMFB
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3.9 Different A/D Structures

This chapter briefly presents four of the most commonly used A/D converter
structures, for example the pipelined A/D converter, in which this T&H are
supposed to be used. More information can be found in [4], for those who
are interested.

3.9.1 Flash Converter
An N bit flash converter consists of 2N comparators, a resistor string and
some decoding and compensation circuitry. The large number of
comparators and the fact that the amount grows fast as the number of bits is
increased, makes this solution appropriate for A/D converters up to the size
of about 8 bits, otherwise the circuit becomes to large. One good thing with
this solution is that it is very fast (one sample per cycle), compared to other
solutions. Another advantage is that a T&H is generally not needed in front
of this type of converter.

The flash converter is often used in the sub stages (residue stages) of a
pipelined converter, since the resolution of the A/D in each stage is about 2
bits the size will not be very large.

Figure 3-10 3 bit Flash A/D converter [4].
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3.9.2 Successive Approximation Converter
The successive approximation converter has got a moderate circuit
complexity and yet a reasonably quick conversion time, which makes it one
of the most popular approaches for A/D converters.

Figure 3-11 Successive approximation A/D converter [4].

The converter applies a binary search algorithm to find the correct binary
output value. In the first step b1 is found and in the next b2, and so on until all
bits are determined.

3.9.3 Algorithmic Converter
The algorithmic converter requires a small amount of analog circuitry
because it repeatedly uses the same circuits to perform the conversion. One
of the drawbacks is that an accurate amplifier with a gain of 2 is needed if
high resolution is requested.

Figure 3-12 Algorithmic A/D converter [4].

It works in much the same way as the successive approximation converter,
but an algorithmic converter doubles the error voltage instead of changing
the reference voltage. A flow graph of the algorithmic approach can be seen
in Figure 3-13.



3 - THEORY

22

Figure 3-13 Flow graph for the algorithmic converter approach [4].

3.9.4 Pipelined Converter
An N bit pipelined converter consists of N number of residual stages, as the
one pictured in Figure 3-14. The idea is to use the concept of the algorithmic
approach, but instead applying pipelining to increase the processing rate to
one sample per cycle. Each stage will then look something like the circuit
pictured in the figure below.

The complexity will thereby increase compared to the algorithmic converter,
but the complexity only grows as N (where N is the number of bits) and not
as 2N, which was the case for the flash converter. It is this type of converter
the T&H is designed for.

Figure 3-14 Residual stage of pipelined A/D converter [4].
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3.10 Switch Characteristics of MOSFET

The design of the switches is crucial for the performance of the overall track-
and-hold circuit. A poorly designed switch can degrade the performance by
for example introducing harmonics and some other un-ideal behaviour that
will be presented in the chapters below. Several strategies to avoid or
minimize the unwanted effects can be chosen and some of them will be
presented in the chapters that follows next and in chapter 4.3.

3.10.1 Charge Injection
A simple MOS-transistor is often used as a switch. When it is open, the
current can flow freely through it and when it is closed the current is turned
off. The current is equal to the amount of charges per time instant passing
through the channel, and the amount of charges in the channel is
approximately ( )thgsox VVC − . When the MOS-switch turns off, the charges

in the channel are pushed out of the channel to the drain and source sides.
This results in a charge injection error if for example the sampling capacitor
is next to the switch. The magnitude of the error-voltage is approximately

( )sampleC2Q , if it is assumed that the channel charge are divided equally

between the drain and source side.
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(a)

(b)

Figure 3-15 MOSFET showing charge injection.
(a) – Current through channel before charge injection.
(b) – Charges in channel repelled to drain and source (charge
injection).

The effect of charge injection can be reduced or eliminated by choosing an
appropriate circuit structure. Dummy transistors or bottom plate sampling
(see chapters below) can for example be used.
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3.10.2 Dummy Transistors
A Dummy transistor is simply a transistor that is shorted between the drain
and the source. It is introduced between the MOS switch and the sampling
capacitor. Assume that the charge that is pushed away from the switch on
each side is half of the total charge in the channel of the switch. Then a
transistor of half the size of the switch, that is turned on when the switch
turns off can store the ejected charges and prevent them from building up a
noise-voltage on the sampling capacitor. This is illustrated in Figure 3-16.

Figure 3-16 Basic T&H with dummy transistor.

3.10.3 Bottom Plate Sampling

Figure 3-17 Bottom plate sampling circuit.

The bottom plate sampling circuit above is a simple example on how such a
circuit can look like [10]. At the sampling instant, the switch S1 that is
connected to the bottom plate opens before S2, thereby decreasing the error
due to charge injection.
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To better understand the error reduction when using bottom plate sampling
one should observe that when the transistor turns off, the charges in the
channel are injected to either the source or the drain side, depending on the
relative impedance [11]. Low impedance attracts more charges. Hence, at the
opening of S1, most of the charges will be injected to ground and when S2

opens, it will inject most charges back to the input (assuming that the input
has lower impedance than the output). The effect is that the charge injection
is reduced compared to the case when a simple track-and-hold circuit is used.

3.10.4 Clock Feed Through

Figure 3-18 Simple NMOS-switch with parasitic capacitances.

Parasitic capacitances between gate-drain and gate-source are always present
when using simple MOS switches. The clock signal is feed through these
parasitic capacitors and introduces errors. The errors can be suppressed or
cancelled by using a differential approach of the track and hold.

3.11 Offset Cancellation

There always exists an offset error between the inputs of an operational
amplifier (OP-amp) due to mismatched transistors in for example the input
stage. Since this is due to process variations, the offset cannot be determined
in advance. Hence, if the offset error is critical for the performance of the
circuit, as for example with high-resolution track-and-holds, compensation
for this error is needed. This can be done by using for example correlated
double sampling (CDS) [5]. CDS means that the offset is sampled (saved)
during one clock phase. This value is subtracted from the offset in the next
clock phase. As a result the offset will ideally be zero. An example of a
circuit using correlated double sampling can be found in Figure 3-19.
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Figure 3-19 Example of correlated double sampling (CDS) [5].

Vin is first sampled on C3. In the next phase, a dummy amplification is done
with C3 and C4, generating an estimate of the non-zero virtual ground
potential. At the same time is Vin minus this error-voltage sampled on C1. In
the last phase, the correct voltage appears at the output since the correct
amount of charges is transferred to C2. In other words, the negative error-
voltage sampled in the second phase adds to the positive error-voltage during
the last phase. Hence, the total error is zero.

Another good thing with CDS is that the f1 -noise, which can be a major
noise source in MOS circuits, is reduced [6]. This can be understood by
noting that the offset is ideally a constant value (low frequency signal). Since
this “signal” is suppressed, then all low frequency signals referring from the
OP-amp must be suppressed. Since the f1 -noise is largest for low
frequencies it will be reduced.
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Figure 3-20 Noise power for a switched-capacitor voltage amplifier [6]:
(a)−−−−Noise without offset cancellation.
(b)−−−−Noise with offset cancellation.
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4 BRIEF PRESENTATION OF DIFFERENT STRUCTURES

This chapter briefly present different structures to choose among when
deciding what topology to use for the parts in the track-and-hold. Some of
the advantages and disadvantages with each structure are presented and are
later used in chapter 5 to decide what structures to use in this design.

4.1 Track-and-Hold

In this chapter are some of the most commonly used approaches for track-
and-hold circuits presented. This chapter is later on referred back to when
deciding the approach for this design.

4.1.1 Why Fully Differential?
Differential structure has several benefits over single ended structures. The
circuit is less sensitive to common mode noise and the clock-feed-through
error is ideally zero and finally that the even order distortion tones are
significantly reduced.

Some drawbacks are that the layout gets more complicated since the wires
are doubled and a differential OTA (or OP-amp) need common mode
feedback (CMFB) to stabilize the common mode level at the output. The
common mode feedback results in a more complex amplifier, which can
degrade its performance to some degree, for example the speed.

4.1.2 Open- and Closed-Loop
In an open-loop T&H architecture you do not have any feedback loops. The
T&H consists mainly of some sort of sampling switch, a sampling capacitor
and a buffer on the input and output.

Figure 4-1 Track-and-Hold in open loop configuration [12].
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This simple architecture makes it possible to design for very high speed, but
since it does not give the benefits of feedback, the accuracy cannot be very
high.

In a closed-loop T&H architecture on the other hand, a feedback loop is
included in the circuit for example between the output and input as below.

Figure 4-2 Track-and-Hold in closed loop configuration [12].

The drawback with this is that the speed is reduced, but the accuracy can be
higher.

4.1.3 Switched-Capacitor
The signals are represented by the voltages over the capacitors in this kind of
circuits. The voltages are switched between the capacitors in such way that
the circuit perform the requested function, for example sampling an
incoming signal and deliver the sampled values at the output.

4.1.4 Switched-Current
In switched-current circuits, currents instead of voltages represent the
signals. This feature allows the use of only transistors in the circuits and does
not require capacitors, but even though this technique has been known for
some time, there are very few circuits designed using this technique. The
focus was therefore on the more commonly used switched capacitor
techniques.

4.2 Operational Transconductance Amplifier (OTA)

Five commonly used OTAs are briefly presented in this chapter. They are all
fully differential, but the CMFB are not included in the figures. The
performances of four of the most probable candidates are summed up in
Table 4-1 at the end of this chapter.
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The difference between an OTA and an OP-amp is that the OP-amp has got
an output buffer so that it is able to drive resistive loads. An OTA can only
drive capacitive loads.

4.2.1 Single-Stage
This is the least complex OTA, and hence its speed can be very high. The
drawback is that the gain is rather low. There will not be possible to reach a
gain of 68 dB, which is required for the amplifier in the T&H (see chapter
6.1.1.5).

Figure 4-3 Single-stage OTA.

4.2.2 Two-Stage
By adding another stage you get a two-stage amplifier. This modification
increases the gain as well as the complexity. The increased complexity will
reduce the speed a lot, which makes it unsuitable in this design. The
compensation circuitry (RC, CC) is also included in Figure 4-4.
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Figure 4-4 Two-stage OTA.

4.2.3 Telescopic Cascode
The reason why the gain of the single-stage OTA is low is that it has got low
output impedance. One way of increasing the impedance is to add some
transistors at the output. The transistors are called “cascodes”, and will
increase the output impedance and thereby increase the gain.

Figure 4-5 Telescopic Cascode OTA.

To conclude, the telescopic cascode has got high gain as well as high speed,
but by adding more transistors the voltage swing at the output is reduced.
This is not desirable, since the supply voltage is low in this particular case.
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One other drawback is that the common mode voltage at the input cannot be
equal to the common mode voltage at the output.

4.2.4 Regulated Cascode (Gain Boosting)
Regulated cascode (or gain boosting) can be used to even further increase the
gain without decreasing output voltage swing.

Figure 4-6 Regulated cascode (gain boost) OTA.

By applying this method the gain is increased by approximately the gain of
the gain boost amplifiers. The drawback is that these extra amplifiers might
reduce the speed of the overall amplifier. Hence, they should be designed to
have a large bandwidth.
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4.2.5 Folded Cascode
The folded cascode amplifier is in a way some sort of a compromise between
the two-stage amplifier and the telescopic cascode amplifier. It permits low
supply voltage, still having a rather high output voltage swing and the input
and output common mode levels can be designed to be equal. Its gain is
lower than for the two-stage and its speed is lower than for the telescopic
cascode, which makes it a good compromise between these two amplifiers.

Figure 4-7 Folded cascode OTA.

The performance of four of the most interesting amplifiers is compared in
the table below.

Gain Output
swing

Speed Power
consumption

Noise

Telescopic
cascode

Medium Medium1 Highest Low Low

Folded
cascode

Medium Medium High Medium Medium

Two-stage High Highest Low Medium Low

Regulated
cascode

High Medium Medium High Medium

Table 4-1 Performance comparison of four different amplifiers.

1 The output-swing of the folded cascode is comparable but somewhat larger, which is desirable.
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4.3 Switches

Here are the two simplest types of switches presented, MOS switches and
transmission gate switches.

4.3.1 Single MOS Switch
The maximum output voltage that an NMOS transistor can deliver is
approximately equal to thdd VV − , or equivalently the maximum input
voltage is approximately equal to thdd VV − . At the same time, the minimum

output (input) voltage is approximately equal to thV (see [9] for more

details).

One can see this as if the resistance (on-resistance of the switch, ONR ) is
varying as a function of the input voltage according to the following
expression (NMOS transistor):

( )

( )
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From the expression above it is clear that the resistance of a switch are non-
linear and that it approaches infinity when VIN approaches Vdd-Vth, which is
the upper limit for the NMOS transistors, as mentioned above. This must be
taken into account when designing the switches for the T&H so that the
distortion is minimized.

RON for a PMOS transistor is similar, but instead it approaches infinity for
low voltages (|Vth|). The expression for the on-resistance of the PMOS
transistor is found below. Illustrations of RON are seen in Figure 6-9 and
Figure 6-10.
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4.3.2 Transmission Gate Switch
To circumvent the above problem with a varying switch resistance the
benefit of NMOS for low input voltages and the PMOS for high input
voltages can be utilized. It is done simply by connecting them in parallel and
thereby forming a transmission gate.

Figure 4-8 Transmission gate or complementary switch.

The on-resistance of the circuit above will have the following appearance.

Figure 4-9 Resistance of transmission gate as a function of input voltage.

The drawback of the above structure is that complementary clock signals are
needed, thereby doubling the amount of clock signals. This can be
troublesome if the T&H contain many switches.
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4.3.3 Bootstrapped Switch
Above we have concluded that the on-resistance of a switch is dependent on
the input signal, and for an NMOS switch its on-resistance is reduced when
the gate voltage is increased. Finally the instant where the switch opens or
closes is dependent on the voltage difference between gate and input.

It is therefore desirable that the voltage difference between gate and input is
as large as possible and of the same magnitude independently of the
magnitude of the input signal. This can be accomplished by applying the
bootstrapped switch technique.

By storing the clock signal on one phase and add the stored value to the
clock signal during the next phase the wanted effect can be accomplished.
The drawback is that the gate voltage might be too large and thereby
reducing the lifetime of the circuit. The complexity of the switches is also
increased, which might affect the performance of the circuit. For example
increased power consumption.

In the figure below, an example of a bootstrap switch is shown. This
particular circuit does not try to decrease the resistance by increasing the
gate voltage. The purpose with this circuit is to always have the same gate to
source voltage (VDD in this case) during the track-phase and thereby getting a
linear switch. This is accomplished with the extra buffer connected to CB

during the track-phase.

Figure 4-10 Open loop Track-and-Hold circuit with a bootstrap switch driver
circuit [12].
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4.4 Clock Generator and Clock Driver

The clock generator has to generate the requested clock signals needed for
the T&H as well as the rest of the A/D converter. In this design it only need
to generate the clock signals requested for the T&H. The clock generator can
be found in chapter 5.4.

The purpose of the clock driver is to convert the incoming clock signal (sine
shaped), to something close to a square wave, which is the input signal to the
clock generator. The load is therefore set by the clock generator, which the
clock driver must be able to drive. The clock driver can be found in chapter
5.5.
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5 MOTIVATION OF SELECTED STRUCTURE

The structure of the T&H as well as the chosen structure of the separate
components will be presented and motivated in this chapter. It is based on
the theory and the comparisons of the different circuit solutions presented in
the earlier chapters.

5.1 Track-and-Hold

The error due to input offset of the OTA need to be reduced. The way of
doing this is to save the offset voltage during the track-phase and then
subtract this during the hold-phase (i.e. correlated double sampling, CDS).
This will ideally give offset cancellation. The above technique implies that
one uses a T&H based on switched-capacitor technique.

Another method is to use feedback to reduce the effect of the offset error.
The principle is to have a layout that produces an output signal looking
somewhat like the one below

Where A is equal to the gain. With a large gain the offset error becomes
suppressed. This solution can also be accomplished with switched-capacitor
techniques.

Based on what have been mentioned above, a switched-capacitor T&H will
be used, the structure found in both [2] and [13] was chosen (see Figure 5-1).
The reason is that it is a simple structure with few switches and with a simple
switching scheme. The drawbacks are that the output voltage varies a lot
between track and hold phases, since the output of the OTA is set to zero in
every track-phase, and the chosen structure is not suitable for OTAs that
cannot be shorted between input and output, which is the case when using
for example telescopic cascode.

A

V
VV offset

inout ±≈
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Figure 5-1 Selected T&H structure.

5.2 OTA

In Table 4-1 (page 34) it shows that the two-stage amplifier probably will be
to slow for this application and will therefore not be used. What is left is then
to choose between the telescopic cascode and folded cascode. In a later stage
when the chosen amplifier has been simulated and its gain has been
measured, the decision whether to use regulated cascode or not will be taken.

In the same table it is quite clear that the telescopic cascode is a better
solution than a folded cascode if speed, noise and power consumption are
taken into consideration. The drawback with the telescopic cascode is that
the voltage swings are slightly lower and it does not permit short-circuit
between input and output, which is needed due to the choice of T&H
structure.

One additional drawback with telescopic cascode is that it might need an
additional stage on the output to increase the voltage swing. Due to this, one
more CMFB is needed, which consumes more power, and the output stage
also adds to the power consumption. At the same time the second stage will
reduce the speed of the overall amplifier.

Hence, a folded cascode topology of the amplifier was chosen and to
minimize the power consumption the simple CMFB found in [6] were used.
The chosen amplifier is seen in Figure 5-2.



5 - MOTIVATION OF SELECTED STRUCTURE

41

Figure 5-2 Folded cascode amplifier.

The two extra transistors (M1CMFB, M2CMFB) reduce the allowable output
signal swing. Fortunately, as later mentioned in chapter 6, this can be
affordable since the common mode level is chosen relatively large (1.05
Volt).

5.2.1 Why NMOS or PMOS at Input-Stage?
When deciding what kind of transistors to use as input-transistors, several
things have to be taken into account.

i. The mobility of the electrons is about three times larger than the mobility
of the holes. gm, and thereby the gain and unity gain frequency will be
higher when using NMOS- instead of PMOS-transistors, for the same
transistor sizes.

ii. When using NMOS transistors the impedance at the folding points (A, B
in Figure 5-2) will be lower, due to the lower impedance of the PMOS
transistors at the folding points. Both the gain as well as the phase
margin will be lower than if using PMOS transistors at the input, for the
same sizes of the transistors.

iii. NMOS transistors have lower thermal noise.
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iv. PMOS transistors have lower f1 -noise.

Since high gain is needed, NMOS transistors at the input were preferred over
PMOS. Also, since correlated double sampling will be used, the f1 -noise is
reduced, which also reduces the need of using PMOS transistors instead of
NMOS. It might anyway be worth designing another OTA with PMOS at the
input, to see which one that seems to be the best solution in this particular
case.

5.2.2 Bias Circuit for the OTA

Figure 5-3 Chosen structure for bias circuitry.

The benefits of this circuit are that it has got constant transconductance due
to Rb and at the same time the bias loop consists of wide-swing current
mirrors. By using the wide-swing current mirrors the output resistance is
increased, which greatly reduces the harmful second-order imperfections
caused by the finite-output impedance of the single transistors and at the
same time not restricting the signal swing too much. More details can be
found in [4].
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The bias loop sets the bias current in the circuit and V1 and V4 are also set by
this part of the bias circuit. The size of M7b is designed to be four times
larger than M8b, the current through this loop will then be amplified. To stop
the current from increasing and stabilize it to the desired value, Rb is added.
As the current increases, the voltage drop over Rb will increase and at the
same time will Vgs of M7b decrease. The current in this circuit will thereby
have a certain maximum value and since the gain is positive, this value will
stay stable. The bias loop is connected together with the cascode bias. The
latter sets the value of V2 and V3.

The maximum allowable current mentioned above is only one out of two
solutions. The other is that all currents are zero. To avoid this latter solution,
the start-up circuitry is used. If the currents are zero, V3 will be zero. The
inverter consisting of M31b and M32b then turn on M33b and M34b. They will in
turn inject current into the bias loop, which will start up the whole circuit.
Then V3 starts to increase and the inverter will turn off the start-up circuitry.

5.3 Switch

There are several different switches to choose among. The demands are that
it should not consume any or very little power and at the same time not
degrade the performance too much. It is also desirable that the complexity is
minimized. This is why a simple NMOS switch was chosen as a first
approach and if needed, apply the technique of transmission gates later in the
design-flow.

5.4 Clock Generator

The clock generator structure is set by the demands on the clock signals, and
since a simple structure of the T&H is chosen, the clock generator only
consists of three inverters [9]. If transmission gates will be used for switches,
an inverted version of each clock-signal will be needed.

Figure 5-4 Clock generator.



5 - MOTIVATION OF SELECTED STRUCTURE

44

It is also important to minimize the delay between the individual clock
signals, otherwise the settling time of the output of the T&H will be larger
and the exact sampling instant will be more uncertain. See the figure below
where the delay between Φ1 and Φ3 is 600 ps and 100 ps respectively. The
SFDR is also about 3 dB lower when the delay is 600 ps compared to when
the delay is 100 ps. The T&H structure used is found in Figure 5-1 and Vout

in the figure below is equal to Vout+-Vout-.

Figure 5-5 Comparison of output signal of T&H (and its frequency spectrum)
when delay is 100ps (a,c) respectively 600ps (b,d).

(a) (b)

(c) (d)
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5.5 Clock Driver

The demand on the clock driver is that it must be able to drive the clock
generator. It should also generate a single ended output signal, which is close
to a square wave, from the sine shaped differential input signal.

The demands on this circuit are quite loose. A simple single-stage single-
ended amplifier with differential input is used in this design. To further
increase the drive capabilities and shorten the rise and fall times, the output
from the clock driver is buffered with a couple of inverters with increasing
size for each step (as illustrated in the figure below). The whole clock driver,
including inverters, is found in the figure below.

Figure 5-6 Clock driver with inverters as buffers.
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6 DESIGN

This chapter describes the design phase, how the specifications on the
different building blocks were found and how they were designed and
verified. The design phase were roughly divided into the following steps

1. Finding specification of the OTA.

2. Simulation and performance verification.

a. If the gain is to low the gain boost amplifiers must be designed and
added to the amplifier.

b. Simulation and performance verification of amplifier with gain
boost amplifier.

3. Design of common mode feedback (CMFB).

4. Verification of the performance for the whole amplifier.

5. Simulate the T&H with the amplifier and verify whether pass transistor
gates are needed or if the switches can be made of single NMOS
transistors.

6. Design of the switches.

7. Design of the bias circuit and verification of the performance of the
amplifier using the bias circuit.

8. Design of the clock generator. Finding its specification is also included
in this step.

9. Finally the design of the clock driver.

The T&H was then simulated and its performance is presented in chapter 7.
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6.1 Operational Transconductance Amplifier (OTA)

This chapter describes how the specifications for the OTA were found and
how it was designed. The design of CMFB and gain boost amplifiers can
also be found in this chapter.

Figure 6-1 Folded cascode OTA including gain boost amplifiers and common
mode feedback.

6.1.1 Finding Specification for the Amplifier
The specifications on the amplifier were not given in advance, so they are
derived in this chapter. More details and theory can be found in for example
[14].

6.1.1.1 Signal Levels and Sampling Capacitor
Since this T&H is supposed to be used as a front-end of a A/D converter, the

size of the sampling capacitor should be chosen in order to reduce its
C

Tk B -

noise [15], the signal magnitude must be known to be able to do this.
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If the signal magnitude is large, the sampling capacitor can be smaller,
thereby reducing the load on the OTA, which then can be designed for a
lower bias current and hence consume less power. On the other hand, since
the supply voltage is rather low (1.8V) and since a large signal swing might
result in increased distortion in the switches, a signal swing of about 600 mV
(FS) seemed like a good compromise. The value of the sampling capacitor
was then calculated (see below)
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Now when the output rms-value (root mean square) of the signal is known,
the value of the sampling capacitor can be calculated (the noise voltage in
the denominator are derived in Appendix I)
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The sampling capacitor was chosen to be 1.5pF to get some margin for the
SNR. Theoretically the SNR should be 67dB instead of 66dB with this
choice of capacitor.

According to the results in Appendix I, the
C

Tk B -noise is the dominating

noise source and thereby defines the noise floor.
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The “output DC-offset” must be smaller than 74µV, about 50µV were
selected to get some margin. To conclude
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6.1.1.2 Slew Rate (SR)
To find the required slew rate, the time allocated for slewing during each
period must be known. The rule of thumb from [14] was used to find the
slewing time. It states that the time allocated for slewing should be about ¼
of half the sampling period (TS/8), which is 1.5625ns when fS = 80MS/s.

The outputs of the OTA should be able to deliver a 0.3 Vpp signal (half the
full scale signal) and this is also the highest voltage step allowed. Hence,
slew rate can be calculated as follows:

µs
V192800.38f8V

T

V
8SR Spp

S

pp =××===

6.1.1.3 Load Capacitance (CL,tot)
In this chapter the total load capacitance is calculated. This is the load, which
the amplifier must be able to drive.

Figure 6-2 Track-and-Hold with parasitic capacitances included.

The largest capacitance seen from the output of the amplifier occurs during
the track phase, when Φ1 and Φ3 are closed and Φ2 is open. The capacitance
loading the amplifier becomes

SGSLtot,L CCCC ++=
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CGS was assumed to be at least less than 0.4pF, which was confirmed by the
simulations, and CS was chosen to 1.5pF (see above). CL was the load
capacitance and was assumed to be equal to the sum of CGS and CS (worst
case). This is reasonable, since the circuit was supposed to be used in a
pipelined A/D-converter and each stage of that converter has a T&H on the
input (see Figure 3-14). If some other solution was used the capacitance will
be lower. CL,tot then becomes

pF3.8C totL, =

6.1.1.4 Unity Gain Frequency (fT)

Since 8
TS was allocated for slewing, only 8

T3 S was left for settling. Linear

settling was assumed and the results from chapter 3.6.2 were used, fT was
then calculated according to below. To get the minimum required fT, the
lowest β was used for the calculation. holdβ and trackβ can be found from
examination of Figure 6-2. The requested accuracy (P) was calculated by
assuming that the signal should lie within 1LSB after the settling time. This

is equal to P= 1110
2
1 22 −− = .

1track ≈β

( )
MHz3244.05f

0.750.82π
2ln2f

f S

11
S

T ==
××
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PS

S
hold ≈

+
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6.1.1.5 DC-Gain (A0)
The following expression for the linear settling error coefficient was derived
in chapter 3.6.1 (f=β).

0
0 A1

1
e

β+
=

This error should be less than ½LSB, giving
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In general this becomes:
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6.1.1.6 Phase Margin
Switched capacitor circuits are in general designed for a phase margin of
about 60 to 75 degrees [4]. In this design it was assumed that it undergoes
linear settling, i.e. a phase margin of 90 degrees, when the specifications of
the amplifier was derived. This was why the phase margin should not be
chosen too low. In the figure below, the output of the T&H is shown for two
different phase margins. As expected, the settling time as well as the ripple is
decreasing as the phase margin is increasing. The reason is that the system
acts more and more like a system undergoing linear settling. A phase margin
of about 65 degrees were first chosen, but after some simulations of the T&H
it was clear that the phase margin should be around 70 degrees to get
acceptable settling times. This also increased the SFDR a few dB.

(a) (b)

Figure 6-3 Settling time for different phase margins
(a) −−−− 67 degrees, (b) −−−− 76 degrees.
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6.1.2 Calculation of Lower Limit Values
Some approximate values were calculated prior to the simulations to get
some feeling for the different sizes and to know the lower limit to some
important parameters.

6.1.2.1 Bias Currents
Since the slew rate (SR) is approximately equal to the available bias current
over the total output capacitance (CL,tot), a lower limit for the bias currents
could easily be calculated.

µA800103.810192CSRII 126
totL,b2b1 ≈×××=×=+ −

As a first approach the following currents were chosen:

A640I4I 2b1b µ==

After some simulations it was clear that the current had to be increased to
fulfil the demand on the phase margin. Thus, the following currents was used
in the end

A350IandA790I 2b1b µ=µ=

6.1.2.2 gm of the Input Transistors
The unity gain frequency is approximately equal to the product of the DC-
gain and the lowest pole. This is used below to calculate the minimum
needed gm of the input transistors.

mS7.3g

103242
C
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C

g

g

g
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1m0,
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1,0m

L
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10u
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⇒××π>==×≈ω

6.1.2.3 Minimum Transistor Sizes
Finally the minimum transistor sizes to accomplish high enough gm0,1 and
Vds,sat were calculated. This can be done with help of the following
equations.
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i
i L

W
S =

The resulting sizes (Si) are as follow.

S0,1 ~ 151 S10,11 ~ 2.04
S2,3 ~ 243 S12,13 ~ 11.4
S4,5 ~ 243 S14,15 ~ 50.2
S6,7 ~ 108.4 S16,17 ~ 27.1

Table 6-1 Minimum transistor sizes.

When using the above sizes (L=0.27 µm) the result was not at all satisfying.

Figure 6-4 Bode diagram of amplifier using the above values.
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This approach, just trusting the theoretical values, is not likely to succeed.
Neither will an approach just trusting on simulations work, since the deep
understanding of how the circuit works and which parameters that affect
what property of the amplifier, will be lost. A combination of these two
approaches must be used.

Before starting to simulate it must be known what is to be accomplished and
how it should be done. The demands on unity gain frequency, phase margin
and slew rate are all known. The latter two are mainly depending on the
choice of bias current. The approach for the simulations was therefore to first
choose a bias current that theoretically satisfied the slew rate and then verify
by simulations that the phase margin was within a reasonable range from the
desired value. Then it was time to adjust the parameters to maximize the
gain, or at least get a gain that matched the requirements. How this was done
is explained in the chapters that follow.

To get some lead to in what direction the different parameters should be
changed, to enhance the performance, the following table showing the
dependencies was derived. The derivation can be found in Appendix II.

A0 fT p1 p2

WM0,1 ↑ 1↑ 1↑
LM0,1 ↓ 1↑ 1↑ 2↑
IdM0,1 ↑ 1↓ 1↑ 2↑
IdM10,11 ↓ 3↑ 3↓ 1↓
WM10,11 ↓ 1↓ 1↑
LM10,11 ↓ 1↓ 1↑
LM12,13 ↓ 2↓ 2↑
LM16,17 ↓ 2↓ 2↑
WM14,15 ↓ 1↓ 1↑ 1↑
LM14,15 ↓ 1↓ 1↑ 3↑
CLoad ↓ 2↑ 2↑

Table 6-2 Table showing how different parameters affect the DC-gain (A0), unity gain
frequency (fT), 3dB bandwidth (p1) and the second lowest pole (p2). Higher
number next to the arrows means stronger dependency.
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6.1.3 Vgs of Input Transistors
The first observation was that both A0 as well as the unity gain frequency
increased when gm0,1 increased. Hence, gm0,1 should be maximized, but still
maintaining the desired bias current. Maximizing gm0,1 when the current was
constant was equal to maximizing the size of the input transistors, which
were done by choosing Vgs as low as possible. This can be understood by
examination of the equation below. It is clear that when decreasing Vgs the
size must be increased to maintain the same current. The size is included in β
( L

W∝β ).

( ) ( )ds
2

thgsd V1VV
2

I λ+−β=

6.1.4 Input and Output DC Levels
Due to the choice of T&H structure the OTA needed to be designed so that
its input and output DC levels are equal, since the output and input of the
OTA are shorted together during the track phase.

The lowest DC value was set by the lowest possible Vgs of the input
transistors, the required voltage swing and the fact that the voltage drop over
M2 and M4 should be as large as possible to get as high output impedance of
the current mirror as possible. The voltage drop over M2 and M4 should at
least be larger than Vds,sat for each of them, so that they work in the saturation
region.

The largest DC value was set by the fact that the voltage drop over M14 and
M16 should be as large as possible to maximize the output impedance and
thereby the gain, and of course the voltage swing on the input had to be
considered.

This implies that some compromising had to be done and in combination
with some simulations a DC level of 1.05 Volt seemed like a fairly good
compromise.

6.1.5 Current Mirror Transistor Sizes
To maximize the overall gain, the output impedance should be maximized.
Maximizing the output impedance can be accomplished by maximizing the
output impedance of the separate current sources in the output part, which
were realized by current mirrors.
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The conclusion from the current mirror chapter was that to maximize the
output impedance of the current mirror, the lengths should be maximized as
well as W2, the width of the transistor closest to the output of the current
mirror (top transistor in NMOS-mirror and bottom transistor in PMOS-
mirror). On the other hand, by using larger lengths at for example the output,
the capacitance at the output increases, which reduces the first pole and
results in a poorer phase margin as well as lower unity gain frequency, which
must be taken into account.

Due to the problem with increased parasitics, the lengths were not increased,
but instead W2 was increased. This was accomplished by allocating the Vds-
voltages over M2 and M4 (see Figure 3-4) in such a way that M2 was forced
to be larger than M4 to get the correct bias point. M2 and M4 were cascaded
and therefore, if W2 was increased then Vds4 would increase. So by choosing
Vds2 smaller than Vds4, W2 had to be larger than W4 and thereby the output
impedance was increased, which resulted in higher gain.

To conclude, simply by allocating the available voltage drop over the output
of the current mirror, in a more clever way, the output impedance could be
increased. Vds2 were chosen to be equal or (preferable) smaller than Vds4.

In general the largest possible Vds4 that still allows the rest of the transistors
in the circuit to work in the right region, and that not results in transistor
sizes that are unreasonable, should be used. By using this concept and some
simulations, the following Vds voltages seemed reasonable.

Vds0,1 = 960 mV Vds10,11 = 400 mV
Vds2,3 = 150 mV Vds12,13 = 650 mV
Vds4,5 = 250 mV Vds14,15 = 310 mV
Vds6,7 = 440 mV Vds16,17 = 440 mV

Table 6-3 The chosen Vds-voltages for first attempt.

6.1.6 Approach for Simulations
Since the circuit is rather large and has got a lot of parameters, it is not
possible to simulate and vary the whole circuit and parameters at once. Some
kind of “divide-and-conquer” technique must be used. In this case this means
that each transistor should be simulated individually to decide its parameters
so that it work in the right region and at the right bias point. When they all
work according to the requirement on bias point, they can gradually be
connected together, still simulating for each step to verify that they still work
as they are supposed to.
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By iterating like this, the final circuit is guaranteed to work at the correct
bias point, left is just to check if the performance match the requirements. If
it is not, the circuit has to be modified by for example changing the bias
points, which can be done by choosing another bias current or alter the Vds-
voltages. Resistors simulated the rest of the circuit to get the correct voltage
drop over the transistors that was to be simulated.

The simulations can basically be divided into the following steps:

1. Decide a bias current.

2. Allocate the Vds-voltages.

3. Introduce resistors of sizes that give the desired Vds-voltage for the
desired bias current.

4. Sweep the parameters to find the values that give the right bias point.

5. Connect the transistors together gradually and repeat step 3 to 5 until
the whole circuit is connected together.

6. Check that the bias points are correct and verify if the performance is
matching the demands.

7. Repeat from step 1 if the performance is not fulfilled.

By applying the steps above an amplifier that fulfilled the demands on phase
margin and unity gain frequency was reached. The upper limit for the gain
seemed to be around 60 dB. Gain boosting (regulated cascode) had to be
used to increase the gain further. The design of the gain boost amplifier is
described in chapter 6.1.7.

6.1.7 Design of Gain Boost Amplifiers
The overall gain is in general increased by approximately the gain of the
gain-boost amplifiers, the gain specifications of the gain-boost amplifiers
were thereby known. The unity gain frequency of the gain-boost amplifiers
should be large enough so that they do not affect the frequency behaviour of
the overall amplifier, at least not too much. They will reduce the unity gain
frequency of the overall amplifier since by adding the gain-boost amplifiers
to the output side, extra capacitance and thereby some extra poles are added.
The bias current should be as low as possible, still allowing high enough
unity gain frequency. Finally the amplifiers output DC-level was known,
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since it must be the same as the voltage at the node onto which the output
was to be connected.

Since the gain only had to be increased by about 12 dB, an inverter was
chosen as gain-boost amplifier. It should give high enough gain and it is not
very complex, it should thereby be easy to get sufficiently high unity gain
frequency and it should not degrade the performance of the overall amplifier
too much.

Figure 6-5 Gain boost amplifiers.

The simulation and sweeping of parameters were performed as in the chapter
above. When they were working according to the demands, they were
connected to the main amplifier and the performance of the overall amplifier
was verified.

The gain had increased, but both the unity gain frequency as well as the
phase margin was degraded too much. The bias currents of the main
amplifier were then increased and some of the bias voltages were altered.
Since the output DC-level of the gain boost amplifiers can be chosen from a
wider range than the bias voltages, this was another benefit of using gain
boosting. In a way they give both increased gain and voltage level shift. By
applying this, Vb3 was increased and Vb2 decreased, which allowed further
optimisation of the output impedances.

After a couple of iterations, an amplifier that fulfilled all the demands on the
performance was found. The design of the common mode feedback was left
to do, which is described below.
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6.1.8 Design of Common Mode Feedback (CMFB)
The CMFB architecture in the figure below was chosen, much due to its
simplicity compared to other solutions.

Figure 6-6 OTA with CMFB indicated.

M1CMFB and M2CMFB were working in the linear region and were thereby
simply voltage-controlled resistors. Their gates were connected to the output
nodes and when for example the common mode voltage of the output was
increasing the Vgs of M1CMFB and M2CMFB increased, their resistance thereby
decreased. The voltage drop over them then also decreased, which resulted in
a decrease of the common mode level on the output, which was desired.

According to the specifications in Table 2-1 the SNR should be at least 66
dB. The two CMFB-transistors were then designed to decrease the common
mode variations to a level well below this. The common mode variations
should then neither affect the SNDR of the amplifier nor the track-and-hold.

According to the simulations, a Vds of 100 mV was enough. Due to this,
M12,13 was redesigned to have a voltage drop of 550 mV instead of 650 mV.

This reduced the output impedance of the NMOS part on the output side of
the amplifier, but it was still much larger than the PMOS part. The gain was
therefore not significantly decreased.
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6.2 Bias Circuitry

Until now all the bias voltages had been set by voltage sources during the
simulations. The final step was therefore to design the bias circuitry. The
chosen circuit is shown in Figure 6-7 below.

Figure 6-7 Chosen structure for bias circuitry.

6.2.1 Calculation of Approximate Values
The voltages that the bias circuit will deliver are known from the simulation
of the amplifier. These node voltages were thereby fixed and the different
Vds voltages could be derived, only considering that all transistors should
work in the saturated region. The magnitude of the bias current in the bias
circuit was also decided at this point.

6.2.2 Design and Simulation Flow
The simulation methodology (“divide-and-conquer”) was the same as in
chapter 6.1.6. When the circuit delivered the correct voltages it was
connected together with the amplifier. The simulations of the whole
amplifier were then performed and it was soon obvious that the parasitic
coupling between the bias circuit and the drain of M2,3 (Cgd) was too large.
This had the effect that a common mode signal was amplified, thereby giving
a poor common mode rejection ratio (CMRR). This problem was solved by
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decreasing the size of M2,3, which in turn was accomplished by increasing
the allocated Vds voltage, thereby forcing the size of the transistors to
decrease. The final Vds voltages are shown in the table below, where also the
Vds voltage of the CMFB-transistors has been included.

Vds0,1 = 960 mV Vds10,11 = 400 mV
Vds2,3 = 200 mV Vds12,13 = 550 mV
Vds4,5 = 200 mV Vds14,15 = 310 mV
Vds6,7 = 440 mV Vds16,17 = 440 mV

VdsCMFB = 100 mV

Table 6-4 The final Vds-voltages.

Finally, the bode diagram of the amplifier using the values above is shown in
the figure below.

Figure 6-8 Bode diagram of the final amplifier.
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6.3 Switch Arrangement

The approach for the design of the switches was to first use NMOS
transistors. This was not a very good solution. The SFDR became very poor,
almost 17dB below the required value of 64dB. The reason for their poor
performance is illustrated in the figure below. The resistance magnitude in
the figures below is not equal to the magnitudes in the simulated switches;
these figures only serve as illustrations to explain the ideas.

Figure 6-9 Resistance of an NMOS-switch as a function of the input voltage.

The signal range is between 0.9 and 1.2 Volt. The resistance is relatively
non-linear in this range, as can be seen in the figure above. This is why the
NMOS transistor works poorly for high voltages. The demand on SFDR was
not reached as a result of that.

A PMOS transistor on the other hand, is known to work poorly for low
voltages and rather well for high voltages. The NMOS-switches was
therefore replaced with PMOS-switches. They had to be about six times
larger than the NMOS-switches, but the SFDR increased to 52.2 dB, still far
away from the goal. From Figure 6-10 it is clear that the resistance is still
relatively non-linear.
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Figure 6-10 Resistance of a PMOS-switch as a function of the input voltage.

As was mentioned in the theory-part, the transmission-gate-switch (NMOS-
and PMOS-transistor connected in parallel) might be the solution to the
problems above. The resistance for the NMOS- and PMOS-switch above are
used to get the resistance for the transmission gate switch in the figure
below.

Figure 6-11 Resistance of NMOS-, PMOS- and transmission-gate switch.

As seen, the resistance for the transmission-gate-switch is much more linear.
In reality the total resistance will look something like in Figure 4-9 on page
36, but Figure 6-11 still illustrates why transmission-gate-switches can be a
wise choice. The problem was still to design the two transistors so that the
switch was linear enough for this design.
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Since the circuit is differential, it is the third order distortion that is
degrading the SFDR. If a non-linear resistance according to below is
assumed

2

2

2
2

210
dI

Rd
RIRIRRR ∝⇒++=

Where “I” is the current through the resistor. Assume now that a sine-shaped
current is applied to the resistance. The voltage over the resistance then
becomes

( ) ( ) ( ) ( )tsinRtsinRtsinRtsinIV 3
2

2
10R ω+ω+ω=ω==

The third order distortion is due to the ( )tsinR 3
2 ω -term. If R2 were equal to

zero, the distortion would be zero in this case. This is equal to saying that the
second derivative of the resistance should be zero. Inspection of the
resistance as well as the second derivative of the resistance of the switch was
used during the simulations to compare the different switches of various
sizes.

First the relative size (X) between the PMOS- and NMOS-transistor, i.e. how
many times larger the PMOS-transistor should be, was swept. The curves in
the figure below show that for values of around six, the resistance start to
look fairly linear. The PMOS-transistor was first chosen to be seven times
larger than the NMOS-transistor.
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Figure 6-12 Switch resistance and its 2nd derivative as a function of input voltage for
different relative sizes (X).

When the relative size was fixed it was time to sweep the size ( L
WS = ) of

the NMOS-transistor. The size of the PMOS-transistor was sweep at the
same time, but X times larger (7 in this case). The resistance and its 2nd

derivative are shown in the figure below for some different sizes (S). By
inspection of this figure, the size was chosen to 100.

Figure 6-13 Switch resistance and its 2nd derivative as a function of input voltage
for different sizes (S=W/L).

The T&H was simulated with this switch and it became obvious that the
NMOS-transistor had to be somewhat larger. The PMOS-transistor could
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instead be somewhat smaller. The final switch sizes are shown in the table
below.

NMOS PMOS
Width 19.8 µm 118.8 µm
Length 0.18 µm 0.18 µm

Table 6-5 The sizes of the transistors in the final switch.

The spectrum of the output signal is displayed in Figure 6-14 to illustrate the
difference in linearity of the T&H when using transmission-gate-switches
(using the final sizes) compared to NMOS-switches (W/L=19.8/0.18µm).
SFDR is marked in the figure. The SFDR was increased by nearly 17 dB
when transmission-gate-switches were used, which clearly shows the
advantage of using this kind of switches. The drawback was though that the
amount of clock-signals were doubled, thereby increasing the power
consumption of the clock-generator. The dominating harmonic seen in
Figure 6-14 is the third order harmonic folded into the signal band.

(a) (b)

Figure 6-14 Spectrum of output signal from T&H when using,
(a) – NMOS-switches, (b) – transmission-gate-switches.
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Finally is the performance of the T&H when using NMOS-, PMOS- and
transmission-gate-switches respectively compared in the table below. This
also shows the advantage of using the latter switch type.

NMOS PMOS Transmission-gate
WNMOS 18 µm * 18 µm
WPMOS * 108 µm 108 µm
L 0.18 µm 0.18 µm 0.18 µm
fIN 30 MHz 30 MHz 30 MHz
fS 80 MHz 80 MHz 80 MHz
SNR 74.3 dB 75.3 dB 75.3 dB
SFDR 47.5 dB 47.6 dB 64.3 dB
SNDR 47.1 dB 47.2 dB 62.1 dB
Hold-mode feedthrough -100 dB -99 dB -96 dB
Power 7.5 mW 7.6 mW 7.6 mW

Table 6-6 Comparison of performance of T&H for different switches (signal
levels at -1dB FS).

6.4 On-Chip Clock Driver and Clock Generator

The clock driver consists of an amplifier with differential input and single
ended output, which is buffered with inverters to be able to drive the clock
generator (Figure 5-6 on page 45). The amplitude of the output from the

amplifier is equal to 2
VDD . The output signal was assumed to be sine-

shaped. The maximum required slew-rate of the amplifier could then be
calculated, which was used when the required bias current was derived. The
calculations are shown below.

( ) ( )

Af2AslopeMaximum

tsinA
dt

dy
signaloutputofSlopetAsinysignalOutput

π=ω=

⇒ωω==⇒ω==

The slew-rate should be equal or larger than the maximum slope; this results
in the following slew-rate.
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The buffer stage was simulated to get the parasitic capacitance that is loading
the clock driver amplifier. It was approximately 125fF. This value is used
below to get the bias current.

A59s
V470pF125SRCI

C

I
SR LOADBIAS

LOAD

BIAS µ=µ×=×=⇒=

This value was nearly doubled to get some further margin, i.e. a bias current
of 100µA was chosen. The output signal of the clock driver is shown in
Figure 6-15.

Figure 6-15 Output signal from clock driver.
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The last stage was to design the clock-generator. The clock-generator first
used is shown in Figure 6-16 and can also be found in [9]. Since
transmission-gate-switches were needed, the clock signals in the figure
below had to be inverted to get the clock signals for the PMOS transistors.
Since Φ2 is the inverse of Φ1 the circuit could be simplified and is shown in
Figure 6-17 together with the clock driver.

Figure 6-16 Clock generator.

Figure 6-17 Clock driver and the final clock generator.

The size of the inverters sets the rise- and fall-times, but if too large inverters
are used, the number of buffer stages in the clock driver must be increased,
which increases the power consumption.
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Figure 6-18 Rise- and fall-times for the two cases (delay = 600ps and 100ps
respectively). Rise-time about 55% of the delay.

The track-and-hold circuit was simulated for different sizes of the inverters
and the result seen in Figure 5-5 was found. The rise time was about 55% of
the delay time in each case, as shown in Figure 6-18 above. A delay of about
100ps was chosen. The clock generator was therefore designed to have a rise
time of about 55ps.

The last demand was that the rise- and fall-times should be approximately
the same. This was accomplished by making the PMOS transistor about 3.06
times larger than the NMOS transistor in each inverter.

Figure 6-19 Schematic of the inverters.
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The resulting sizes are shown in the table below.

NMOS PMOS
Width 25.1µm 76.7µm
Length 0.18µm 0.18µm

Table 6-7 The sizes of the inverters in the clock generator.
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7 RESULTS

The performance of the complete track-and-hold is presented in Table 7-1
below. The performance is based on circuit level SPICE simulations in
Cadence with foundry provided BSIM3 transistor models. The simulations
were done for the worst-case input frequency (30 MHz).

Requirement Performance
Sampling Frequency Range 10 to 80MS/s 10 to 80MS/s
Input Signal Frequency Range DC to 30MHz DC to 30MHz
Hold-mode feedthrough < -65dB -96dB
SNR 66dB 75.3dB
SFDR 64dB 64.3dB
SNDR 61dB 62.1dB
Two-tone IMD 58dB 70.3dB
CLOAD * 2.3pF

PT&H
1 Minimized 7.6mW

Power Consumption
POTA

2 Minimized 6.6mW

Table 7-1 Comparison of the requirements and the simulated performance. The input
frequency is 30 MHz.

SNR was calculated by dividing the root mean square value of the output
signal by the integrated noise. The noise was integrated over the range DC to
2fin,max (0-60MHz).

The power consumption was found by simulating the T&H circuit with
30MHz input frequency and then calculate the average of the current from
the supply.

The SFDR is found in Figure 6-14b and the two-tone IMD is found in Figure
7-1, showing the spectrum for the output of the track-and-hold.

1 The total power of the whole track-and-hold circuit, including the power consumption of the OTA.

2 The power consumption of the OTA.
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(b)

Figure 7-1 Spectrum where two-tone IMD are found.

The SNDR was calculated by combining the SFDR and the SNR.

The load capacitance was increased from 1.8pF to 2.3pF during the design of
the amplifier, to get high enough phase margin.
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8 CONCLUSIONS

The purpose of this work was to design a low-power track-and-hold circuit
with 10bit resolution, sampling frequency of 80MHz and a 30MHz analog
bandwidth using a 0.18µm process with a supply voltage of 1.8Volt. The
requirements that were given are all fulfilled, as can be seen in Table 7-1 on
page 72.

The SFDR as well as the SNDR was the most difficult parameters to fulfil,
but after some redesigning of the switches the goals was reached with a
0.3dB and a 1.2dB margin respectively. Increasing the size of the switches
can further increase the SFDR. The power consumption will then also
increase, mainly due to increased capacitance of the switches.

The other parameters are all fulfilled with a much larger margin. The SNR,
two-tone IMD as well as the hold-mode feedthrough are fulfilled with a
margin of about 9dB, 12dB and 31dB respectively. These results are
however expected to be degraded if this circuit is manufactured and
measured upon, which only makes it desirable to have some margin.

Power consumption may be further reduced, primarily by choosing some
other approach. Some observations are presented below that was discovered
during the design.

8.1 Discussion

At the end it became obvious that more simulations of ideal components
should have been done, in for example Matlab. This would have been helpful
to find some of the demands, but since the time was limited, the decision was
not to look too deep into the problems. It would although be interesting to
look more deeply into the details and try to find ways to optimise the design,
if it is possible. That is though out of the scope for this work.

The power consumption is strongly dependent on the choice of sampling
capacitor. If the capacitance is reduced the load capacitance of the OTA will
decrease. The current needed to fulfil the demand on slew rate would then
also decrease, thereby being able to decrease the sizes of the transistors in
the OTA. A reduction of bias current and transistor sizes will increase the
gain and bandwidth of the amplifier, the phase margin would probably also
increase.
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The drawback of decreasing the sampling capacitor is that the signal swing
has to be increased to maintain the SNR. This would result in more distortion
in the switches. Some form of bootstrapping might then have to be used for
the switches. An increased signal swing would also be troublesome due to
the low supply voltage. If the swing is increased too much, a rail-to-rail
solution for the amplifier must be used. This would make it more complex
and probably reduce its bandwidth.

8.2 Future Improvements

The input transistors of the OTA should perhaps be PMOS instead of NMOS
[4]. The output capacitance would then most certainly decrease and lead to
higher unity gain frequency and higher phase margin, since the folding point
is moved down to the NMOS transistors, which are smaller. This would
reduce the bias current needed and thereby reduce the power. On the other
hand, the gain would decrease, but that has shown to be quite easy to take
care of with gain boosting.

Another good thing with using PMOS transistors at the input is that the
common mode level would have to be decreased. The overall common mode
level would then decrease and make it possible to use NMOS transistors as
switches instead of transmission-gates, since the NMOS is more suitable for
lower input voltages.

The second option is to decrease the sampling capacitor, thereby decreasing
the power consumption. The signal swing would then have to be increased to
maintain the SNR, thereby forcing to use bootstrapped switches. A rail-to-
rail solution for the amplifier would most likely also be needed, but that
solution might make it hard to use gain boosting due to potential instability
of the amplifier.
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Figure I-0-1 Track-and-hold with parasitic CGS included.

In these derivations only the C
Tk B -noise and noise from the input

transistors of the amplifier are considered, it is also assumed that the input
signal is a sine wave. More details can be found in [15].

The thermal noise from the input transistors can be modelled as a voltage

source on the input of magnitude
m

B
g3

Tk8
(rms).

The capacitors are not generating any noise (ideally), but they sample the

thermal noise from the surroundings, which give rise to the C
TkB -noise.

They are also modelled as a voltage source, but of magnitude
S

B
C

Tk
(rms).
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Figure I-2 Model of input noise (mean square values and C=CS, k=kB) [4].

To calculate the total equivalent noise at the input the following method was
applied.

1. Short-circuit the input.

2. Calculate the total noise on the output.

3. Transfer this noise back to the input.

The total output noise became:
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m

B

S

B2
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C
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2v

Since the gain of the amplifier in this T&H (including feedback) is one, the
total input noise becomes
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Assuming CS=1.5pF and gm=7mS, results in a C
TkB -noise that is about

9108.1 × times larger than the thermal noise. This clearly shows that the
thermal noise can be ignored. The total input noise then becomes

S

B2
nIN C

Tk
2v =

Until now CGS has been ignored. If it is also taken into account, the total
effective sampling capacitor, on which the noise is sampled, becomes equal
to GSSTOT CCC += . If CGS is included, the total input noise becomes
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GSS

B2
nIN CC

Tk
2v

+
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What is left is to use this result to derive the total output noise during the
hold phase.

During the track phase the noise is sampled (saved) on GSSTOT CCC += ,
the total “noise charge” on these capacitors is
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The noise voltage during the hold phase is calculated below
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APPENDIX II – DERIVATION OF DEPENDENCY TABLE

The formulas that are used to create the dependency table are based on
results derived in [4] and in chapter 3.2.

The expression for the DC-gain of a folded cascode amplifier without gain
boost is
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The A0-column in the dependency table (Table 6-2 page 54) can be created
by inspection of the equation above. If for example the widths of the input-
transistors (W0,1) are increased, inspection of the equation above clearly
shows that the gain then increases.
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The unity gain frequency is derived below

⇒
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The expression for the lowest pole (p1), which is also approximately equal to
the 3dB-bandwidth, is derived below. gout is the total output admittance and
CL is the total load capacitance on the output.
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The expression for p2 (the second pole) is finally derived. CP in the equation
below is equal to the parasitic capacitances at the folding point (A in Figure
5-2 page 41).
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Csg14 and Csb14 are dominating, CP is therefore approximated with
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