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Abstract
The majority of signals, that need to be processed, are analog, which are continuous and can take an infinite number of values 
at any time instant. Precision of the analog signals are limited due to the influence of distortion which leads to the use of digital 
signals for better performance and cost. Analog to Digital Converter (ADC), converts the continuous time signal to discrete 
time signal. Most A/D converters are classified into two categories according to their sampling technique: nyquist rate ADC 
and oversampled ADC. The nyquist rate ADC operates at the sample frequency equal to twice the base-band frequency, 
whereas the oversampling ADC operates at the sample frequency greater than the nyquist frequency. 

The sigma delta ADC using the oversampling technique provides high resolution, low to medium speed, relaxed anti-aliasing 
requirements and various options for reconfiguration. On the contrary,  resolution of the sigma delta ADC can be traded for 
high speed operation. Data sampling techniques plays a vital role in the sigma delta modulator and can be classified into 
discrete time sampling and continuous time sampling. Furthermore, the discrete time sampling technique can be implemented 
using the switched-capacitor (SC) integrator and the switched-current (SI) integrator circuits. The SC integrator technique 
provides high accuracy but occupies a larger area. Unlike the SC integrator, the SI integrator offers low input impedance and 
parasitic capacitance. This makes the SI integrator suitable for low supply voltage and high frequency applications. 

From a detailed literature study on the multi-bit sigma delta modulator, it is analyzed that, the sigma delta needs a highly linear 
digital to analogue converter (DAC) in its feedback path. The sigma delta modulators are very sensitive to linearity of the DAC 
which can degrade the performance without any attenuation. For this purpose T.C. Leslie and B. Singh proposed a Hybrid 
architecture using the multi-bit quantizer with a single bit DAC. The most significant bit is fed back to the DAC while the least 
significant bits are omitted. This omission requires a complex digital calibration to complete the analog to digital conversion 
process which is a small price to pay compared to the linearity requirements of the DAC. 

This project work describes the design of High-Speed Hybrid Current mode  Modulator with a single bit feedback DAC 
at the speed of 2.56GHz in a state-of-the-art 65 nm CMOS process. It comprises of both the analog and digital processing 
blocks, using  T.C. Leslie and B. Singh architecture with the switched current integrator data sampling technique for low 
voltage, high speed operation. The whole system is verified mathematically in matlab and implemented using signal flow 
graphs and verilog a code. The analog blocks like switched current integrator,  flash ADC and DAC are implemented in 
transistor  level  using a  65 nm CMOS technology and the functionality  of  each block is  verified.  Dynamic performance 
parameters such as SNR, SNDR and SFDR for different levels of abstraction matches the mathematical model performance 
characteristics.

Keywords

Current mode, Modulator, Switched Current, Folded Cascode, Flash, ADC, SNDR

English
Other (specify below)

Licentiate thesis
Degree thesis
Thesis, C-level
Thesis, D-level
Other (specify below)





Acknowledgements

We  are  greatly  thankful  to  Dr.  J  Jacob  Wikner  for  giving  us  the  opportunity  to  work  in  an 
interesting topic. His immediate reply to our mails helped us extremely during this thesis work. We 
thank our supervisor Nadeem Afzal for guiding us throughout the project work. Finally, we thank 
our family and friends for their unconditional love and support. 

 





Abstract

The majority of signals, that need to be processed, are analog, which are continuous and can take an 
infinite number of values at any time instant. Precision of the analog signals are limited due to 
influence of distortion which leads to the use of digital signals for better performance and cost. 
Analog to Digital Converter (ADC), converts the continuous time signal to the discrete time signal. 
Most  A/D converters  are  classified  into  two categories  according  to  their  sampling  technique: 
nyquist rate ADC and oversampled ADC. The nyquist rate ADC operates at the sample frequency 
equal to twice the base-band frequency,  whereas the oversampled ADC operates at  the sample 
frequency greater than the nyquist frequency. 

The sigma delta ADC using the oversampling technique provides high resolution, low to medium 
speed, relaxed anti-aliasing requirements and various options for reconfiguration. On the contrary, 
resolution of the sigma delta ADC can be traded for high speed operation. Data sampling techniques 
plays a vital role in the sigma delta modulator and can be classified into discrete time sampling and 
continuous time sampling. Furthermore, the discrete time sampling technique can be implemented 
using the switched-capacitor (SC) integrator and the switched-current (SI) integrator circuits. The 
SC integrator technique provides high accuracy but occupies a larger area. Unlike the SC integrator, 
the SI integrator offers low input impedance and parasitic capacitance. This makes the SI integrator 
suitable for low supply voltage and high frequency applications. 

From a detailed literature study on the multi-bit  sigma delta modulator,  it  is analyzed that,  the
 needs a highly linear digital to analogue converter (DAC) in its feedback path. The sigma 

delta modulators are very sensitive to linearity of the DAC which can degrade the performance 
without any attenuation. For this purpose T.C. Leslie and B. Singh proposed a Hybrid architecture 
using the multi-bit quantizer with a single bit DAC. The most significant bit is fed back to the DAC 
while the least significant bits are omitted. This omission requires a complex digital calibration to 
complete the analog to digital conversion process which is a small price to pay compared to the 
linearity requirements of the DAC. 

This project work describes the design of High-Speed Hybrid Current mode  Modulator with 
a single bit feedback DAC at the speed of 2.56GHz in a state-of-the-art 65 nm CMOS process. It 
comprises  of  both  the  analog  and  digital  processing  blocks,  using  T.C.  Leslie  and  B.  Singh 
architecture with the switched current  integrator  data  sampling technique for  low voltage,  high 
speed operation. The whole system is verified mathematically in matlab and implemented using 
signal flow graphs and verilog a code. The analog blocks like switched current integrator, flash 
ADC and DAC are  implemented in  transistor  level  using a  65 nm CMOS technology and the 
functionality of each block is verified. Dynamic performance parameters such as SNR, SNDR and 
SFDR  for  different  levels  of  abstraction  matches  the  mathematical  model  performance 
characteristics.
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1 Background

1.1 Introduction

High speed sigma delta  modulators are widely used in wide band communication systems, 
radar receivers and digital radio receivers. A significant advantage of the  modulator is low 
cost conversion providing high dynamic range and flexibility in conversion of low bandwidth input 
signals.  In  addition  to  that,  an  oversampled  modulator  can  trade  sampling  speed  for 
resolution, thereby relaxing the requirements on the analog circuits compared to the nyquist rate 
analog to digital  converter  (ADC). The  modulators have three major components:  a loop 
filter (Integrator), an internal quantizer (ADC), and a feedback digital to analog converter (DAC). 
The  basic  theory  behind  the  modulators  is,  the  input  signal  is  oversampled  and  the 
quantization noise is shaped. Data sampling plays a pivotal role in the sigma delta ADC. There are 
wide  variety  of  data  sampling  techniques  which  can  be  further  classified  into  two  categories: 
discrete time and continuous time sampling technique. Among them the SC integrator and the SI 
integrator are note worthy with respect to the discrete time converters with their own merits and 
limitations.  Performance of the  modulator  is  characterized by the output spectrum of the 
output bits generated from the time-domain simulation of the modulator. Performance measures of 
the oversampled ADC requires a large number of samples from the time-domain simulation to 
determine the dynamic characteristics such as dynamic range (DR), signal to noise ratio (SNR), 
signal to noise and distortion ratio (SNDR) and spurious free dynamic range (SFDR). 

1.2 Oversampling and Quantization

Nyquist  rate  ADC has one-to-one correspondence between the input  and output  samples.  Each 
sample is processed separately, regardless of their earlier input samples. The sampling rate f s of 
the  nyquist  converters  must  be  at  least  twice  the  input  signal  frequency f b .  In  the  nyquist 
converters, the sampling rate f S=2⋅f b restricts the matching accuracy of the analog components 
about 0.02% while determining the linearity and accuracy. 

Oversampled converter is capable of achieving high resolution at reasonably high conversion rates, 
relying on the trade-off between speed and resolution. Their sampling rate is higher by a factor 
between 8-1024 and generates each output by processing all the pre-existing input samples thereby 
eliminating the one-to-one correspondence property. The oversampling  modulators is robust 
to  imperfections,  compared  to  that  of  the  standard  successive  approximation  or  flash  scalar 
quantizer.  The ratio  between over  sampling frequency and nyquist  frequency is  called as Over 
Sampling Ratio (OSR). 

OSR=
f s

2⋅ f b
(1.1)

The purpose of the quantizer is to convert the sampled input into discrete levels. The number of 
code bits N represents the resolution of the  ADC. The conversion range without overloading 
the quantizer represents full scale range of the ADC. Due to the limitation of input to the quantizer, 
an error is introduced and referred to as quantization error, which becomes the major portion of the 
total signal. If the quantizer employs M bits the number of available quantization levels is given by 

2m . Therefore the interval between successive levels (q) can be represented as

           q=
1

2m−1 (1.2)
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1.3 Architecture

This  project  work  describes  the  High-Speed  Hybrid  Current  mode  modulator  with  the 
current data sampling technique along with T.C. Leslie and B. Singh architecture. A significant 
advantage  of  the  second  order  oversampled  modulators  among  others,  is  their  tolerance 
towards  circuit  non-idealities  and  component  mismatch.  The  second  order  modulator  is 
constructed with cascaded integrator and a single sixteen level quantizer.  The major objective of 
using the second order architecture is to reduce the noise in the signal band. 

The signal to noise ratio (SNR) of the second order  modulator results in increase of 15 dB 
for every doubling of the sampling frequency. The SNR increases along with the oversampling ratio 
,  order and the number of quantization bits.  On the other hand, when the oversampling ratio is 
increased, the sampling frequency should also be increased in-order to maintain the same bandwidth 
which consumes more power. Subsequently, to decreases the noise power, quantizers resolution 
must  be increased.  The multi-bit  quantizers  demands high accuracy  digital  to  analog converter 
(DAC), because the non linearity of the multi-bit DAC will degrade the performance without any 
attenuation. Therefore,  T.C. Leslie and B. Singh architecture is employed. This architecture has 
multi-bit quantizer along with a single bit DAC and a Digital Error Correction block. Furthermore, 
the switched current data sampling technique has low input impedance and parasitic capacitance 
which makes it suitable for low power and high frequency applications. 

1.4 Outline

The  objective  of  this  thesis  work,  is  to  explore  all  the  current  mode  techniques  for  the 
implementation of the sigma delta modulator  at the speed of 2.56GHz in a state-of-the-art 65 nm 
CMOS process. It comprises both analog and digital signal processing blocks, using T.C. Leslie and 
B.  Singh  architecture  along  with  switched  current  integrator  data  sampling  technique  for  low 
voltage, high speed operation.

Chapter 2:  Conventional  Analog to Digital  Conversion is  described and concept  of the 
sigma delta modulator is discussed along with the dynamic performance measures and non-
linearity issues.

Chapter  3:  Various  data  sampling  techniques  such  as  switched  capacitor  and  switched 
current integrator with respect to the discrete time data sampling and the continuous time 
data sampling technique are discussed along with their corresponding non-linearities.

Chapter 4, 5: Behavioral modeling of the whole system is described. It is classified in three 
different stages using signal flow graphs (SFG), mathematical model and verilog A model. 
In addition, the mismatch analysis is performed in the mathematical model.

Chapter 6: In this chapter various switched current integrator architectures are compared 
and the design of fully differential folded cascode integrator is elaborated.

Chapter 7: Current mode sub-Flash ADC design and the comparators for fully differential 
current mode flash ADC design is elaborated.

Chapter 8: The current mode implementation of one bit digital to analog converter (DAC) 
is elaborated.
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2 Overview of Sigma Delta Modulators

2.1 Conventional Analog-to-Digital conversion

Generally the signals are classified into two categories: analog signal x(t) and digital signal x(n) 
where n is an integer defined by a sampling interval T.  The Conventional ADC transforms the 
analog signal x(t) into a discrete time signal x ' t  using the sampling technique. The transformed 
analog  signal x '

t  is  quantized  into  a  sequence  of  finite  precision  of  samples  x(n).  The 
Conventional  analog-to-digital  conversion  process  is  shown in  the  figure  2.1.  The  quantization 
process  introduces  an  error  signal  depending  upon  an  approximation.  The  analog  to  digital 
converter's output signal is represented as:

            x n=x'
t e n (2.1)

2.1.1 Quantization 

The quantization error signal due to the approximation of the input signal is in the order of one least 
significant bit (LSB) in amplitude and it is small when compared to the full amplitude of the input 
signal.  However,  when the  input  signal  gets  smaller  the  quantization  error  becomes  the  major 
portion of the total signal. The number of quantization levels depends upon the word length of each 
value  of  the  sequence  x(n).  If  the  quantizer  employs  M  bits  then  the  number  of  available 
quantization levels is given by 2m . Therefore the interval between the successive levels (q) can be 
represented as

 q=
1

2m−1 (2.2)

When the input  signal  is  large compared to  an LSB step,  the error  term is  a random quantity 
between the interval (-q/2,q/2)  with an equal probability.  Consider a 2-bit  ADC with the input 
reference voltage of 3V (full scale) then the number of quantization levels of the ADC will be

22=4 levels (0V, 1V, 2V, 3V) and the corresponding output bits are (00, 01, 10, 11) as shown in 
Figure 2.2. When an input of 1.75V is applied to the converter then the corresponding output will be 
10 which represents an input signal level of 2V. This shows that 0.25V (2V-1.75V) approximation 
error has occurred during the quantization process.

The signal x n=x'
t e n can be  quantized to  x,  if Eq/2 where E represents  the error 

occurred  during  the  quantization  process  and  q  represents  the  quantization  interval.  The 
quantization error is assumed to be uniformly distributed over the interval −q/ 2 to q /2 . The 
quantization noise is generally considered random in nature and can be treated as a white noise. 
The total quantization noise power is represented as:

              Figure 2.1: Conventional analog-to-digital conversion process

Sampling Quantization

Digital Signal
x n

Analog Signal
x t 

x 't 

Generates Quantization noise

f s=1/T
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Figure 2.2: Quantized levels for 2-bit ADC
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Since the noise power is spread over the entire frequency range as shown in Figure 2.3, the noise 
power spectral density can be expressed as:

N  f =
q2

12
1
f s

(2.5)

Figure 2.3: Noise spectrum of nyquist rate converter

2.1.2 Oversampling

When an input signal is sampled at a frequency f s then its input spectrum is copied and placed at 
multiples of that sampling frequency f s ,2f s ,3f s in the frequency domain [1].

Figure 2.4: Sampled signal spectrum
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According to the sampling theorem, the sampling frequency f s must be greater than twice the 
input signal bandwidth f B . Violation of the sampling theorem leads to signal distortion which 
means the input spectrum placed at multiples of f s will overlap with each other leading to the 
aliasing effect. Figure 2.5 shows aliased input signal spectrum when f s2f B  or f s / 2 f B

Figure 2.5: Aliased input signal spectrum

By following the sampling theorem f s2f B or f s / 2 f B ,  signal  distortion at  the output  is 
eliminated. Figure 2.6 shows the input signal spectrum without any distortion.

Figure 2.6: Signal spectrum without distortion

The nyquist rate converter performs the quantization process in a single sampling interval to the full 
precision  of  the  converter  where  as,  an  oversampled  converter  uses  a  sequence  of  coarsely 
quantized  data  at  the  sampling  rate  of F s=R.2f s where  R  represents  the  OSR.  The  noise 
spectrum of  the  oversampled  converter  is  shown in  Figure 2.7.  The  base-band noise  power  is 
represented as:

NB f =∫
f B

f B

N f df  (2.6)

NB f =
q2

12

2fs

F s

=
q2

12
1
R

(2.7)

Figure 2.7: Noise spectrum of oversampling ADC
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2.2 First order Sigma Delta ADC

2.2.1 Modulator 

The converter which makes use of both oversampling and noise shaping property is called   
converter  which  employs  a  negative  feedback  system [1].  Thus  the  output  at  anytime  instant 
depends on its previous outputs. Figure 2.8 shows the block diagram of the first order  ADC. 
The integral parts of the converter are: integrator (or) loop filter,  comparator, 1-bit DAC and a 
digital decimation filter.  Assume a dc input Vin . A summer adds up the input Vin with the 
inverting voltage at the node B, depending upon the voltage difference between the dc input and the 
node  voltage  at  B  the  integrator  ramps  up  or  down.  The  output  signal  from the  integrator  is 
quantized by the comparator and the corresponding digital output(0 or 1) is obtained. The output of 
the comparator is fed back to the summing node B through a 1-bit DAC. The negative feedback 
loop tries to push the average dc voltage at node B to be equal to Vin which means that,  the 
average DAC output voltage must be equal to Vin . 1-bit DAC represented here is like a switch 
which switches between the reference voltages Vref and −Vref . When the DAC input is 1 
then Vref is selected and this voltage is applied to the summing node. When input to the DAC is 
0 then −Vref is selected. The output of the modulator is fed to an on-chip digital decimation filter 
to attenuate the quantization noise at high frequencies.

Figure 2.8: Block diagram of first order  ADC

2.2.2 Linear Model 

The linear model of first order  is shown in Figure 2.9, its transfer function is [5]

y  z=x  z  z−1q z 1−z−1 (2.8)

From equation 2.8, STF and NTF is given by

STF=z−1 (2.9)

NTF=1−z−1 (2.10)

from equation 2.9, the output signal is the delayed (one time unit) version of the input and the 
quantization noise is shaped by the first order z-domain differentiator whose transfer function is 
given by equation 2.10.

The corresponding time domain representation of the first order  is given by,

y n=x n−1q n−qn−1 (2.11)

where q n−qn−1 represents the first order difference equation of q n .
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Figure 2.9: Linear model of first order  modulator 

2.2.3 Frequency domain Characteristics 

The  equations  2.8  and  2.11  shows  the  behavioral  transfer  function  of  the  first  order  
modulator in z-domain and time domain. This section explains the frequency domain behavior of 
 modulator by considering the integrator as an analog filter whose transfer function is given 

by H s =1/s [1]. In figure 2.10, the quantizer is modeled as noise added to the filters output. By 
keeping q s to be zero, 

y s =[ x s − y s]1/ s (2.12)

Re-arranging 2.12,

y s/ xs=1/ s/11 / s=1 /1s (2.13)

Equation 2.13 represents the STF of first order  modulator of figure 2.9

Figure 2.10: Frequency domain model

Now, NTF is obtained by keeping x s to be zero,
ys=−y s1/ sq s (2.14)
y s /q s =1/11/s =s / s1 (2.15)

The equations 2.13 and 2.15 shows that the modulator acts like a low pass filter for input signal and 
high pass filter for noise.

2.2.4 Digital Decimation Filter  

The first order  modulator of figure 2.8 is followed by a digital decimation filter [1]. This 
digital filter is used to provide a sharp cut off at given input signal bandwidth. Figure 2.11 shows 
the frequency spectrum at the modulator's output whose quantization noise is shaped at the higher 
frequencies. This digital filter has low pass characteristics which is used to eliminate out of band 
quantization noise from the bandwidth of interest. Figure 2.12 shows the frequency spectrum of the 
signal after the digital filter output with small amount of an in-band quantization noise within the 
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bandwidth of interest.

Figure 2.11: Before filtering Figure 2.12: After filtering 

The digital filters are classified into two types: FIR and IIR filters. Finite Impulse response(FIR) or 
non-recursive filter is given as,

y n=∑ ak x n−k  (2.16)
where k tends from 0 to M.
Similarly, Infinite Impulse response(IIR) or recursive filter is given as,

y n=∑ ak x n−k ∑ bk y n−k  (2.17)
where in term ∑ bk y n−k  , k tends from 0 to N.
From the above two equations it is clear that, in-case of FIR filters, output y n depends on the 
present and past values of input but IIR filters output y n depends on the present and past values 
of both the input and the output. The difference between FIR and IIR filters are tabulated below,

FIR filters IIR filters

y(n) depends on present and past values of 
inputs

y(n) depends on present and past values of 
inputs and outputs

Design is easy and simple Difficult to design

Stable always Stability issues

Phase response is linear Non linear phase response

Efficiency is low More efficient 

Decimation can be incorporated easily Cannot be incorporated
Table 2.1: Difference between FIR and IIR filters

2.2.5 Decimation

According to the sampling theorem, the sampling frequency of a system should be greater than or 
equal to twice the input signal bandwidth to avoid aliasing.

f s≥2fB (2.18)

Thus for a signal to be reconstructed, it is enough that the sampling frequency to be exactly equal to 
twice the input signal bandwidth.

f s=2fB (2.19)

In case of the  modulators, the input signal is oversampled by a large factor in-order to reduce 
the quantization noise. This oversampling property of the modulator introduces redundant data to 
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the output signal of the  Modulator. Thus decimation process eliminates the redundant data at 
the  modulator's output, such that the decimated signal can be easily reconstructed without 
any distortion. Figure 2.13 shows the decimation of an input signal x n by a decimation factor 

mn in the time domain.

Figure 2.13 Decimation in time domain

2.2.6 First order  Conversion

This section explains the process that takes place inside the signal flow path of first order 
modulator. Let Vin , B , A , C , D be the system input, DAC output, integrator input and the DAC 
input points of figure 2.8. Assume Vin to be a constant dc voltage of 0.38, ADC resolution to be 
1-bit and the DAC reference voltage to be 1 and −1 , then signal conversion of the modulator 
is tabulated below [1]

   First order  Conversion

Sample
   (n)

Input
(Vin)

A=Vin−Bn−1 C=ACn−1 D B

0 0.38 0 0 0 0

1 0.38 0.38 0.38 1 1

2 0.38 -0.63 -0.25 0 −1

3 0.38 1.38 1.13 1 1

4 0.38 -0.63 0.5 1 1

5 0.38 -0.63 -0.13 0 −1

6 0.38 1.38 1.25 1 1

7 0.38 -0.63 0.63 1 1

8 0.38 -0.63 0 0 −1

9 0.38 1.38 1.38 1 1

10 0.38 -0.63 0.75 1 1

Input signal x n

Decimation factor mn

Output signal x n. mn
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11 0.38 -0.63 0.13 1 1

12 0.38 -0.63 -0.5 0 −1

13 0.38 1.38 0.88 1 1

14 0.38 -0.63 0.25 1 1

15 0.38 -0.63 -0.38 0 −1

16 0.38 1.38 1 1 1

17 0.38 -0.63 0.38 1 1

18 0.38 -0.63 -0.25 0 −1

Table 2.2: Conversion example

From the table 2.2, it is clear that for every 16 samples a repeated pattern is developed and the 
average of signal B over the first 16 samples is given by 3/8=0.38 showing that the feedback 
loop forces the average of the signal B to be equal to the input signal Vin . This conversion 
example is one way to verify the functionality of  modulator.

2.3 Second order Sigma Delta ADC

The second order  ADC has the ability to reduce the quantization noise extensively when 
compared to the first order  ADC. It provides the second order noise shaping by using two 
integrators cascaded inside the loop. The working principle of the second order modulator is same 
as that of the first order. Apart from that the decimation filter explained in section 2.2.5 holds true 
for second order  ADC too. As the order of the modulator increases stability of the ADC is 
affected.

Figure 2.14: Block diagram of second order  ADC

Thus there is a need to go for MASH (Multi stage noise shaping) architectures and other advanced 
structures like Leslie-Singh where stability and feedback DAC design can be relaxed.

2.3.1 Linear Model of Second order  Modulator 

Figure 2.15 shows linear model of second order  modulator represented in z-domain[5]. The 
transfer function of the modulator is given by,
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y  z=x  z  z−1
q z 1−z−1


2 (2.20)

STF=z−1 (2.21)

NTF=1−z−1

2 (2.22)

Figure 2.15: Linear model of second order  modulator

2.4 Dynamic Performance 

Frequency domain analysis is used to measure the dynamic performance of the ADC [2,3]. This is 
done by performing fast fourier transform (FFT) on the ADC output codes. Figure 2.16 shows the 
FFT spectrum of first order  modulator with fundamental tone and other non ideal tones along 
with shaped quantization noise. Different types of noises that affects the performance metrics of 
ADC are: quantization noise, 1/ f noise, thermal noise, intermodulation distortion etc. Different 
terms exist in literature to express the dynamic performance of a system. Most commonly used 
terms are as follows DR, SNDR, SFDR, SNR, resolution.

Figure 2.16: FFT spectrum of  modulator

2.4.1 Dynamic Range (DR)

DR is  defined  as  the ratio  of  the  maximum signal  power Pmax to  the minimum signal  power
Pmin that can be detected within the desired frequency band. Dynamic range for an ADC is the 

range of signal amplitudes for which the ADC can function effectively or it can also be defined as 
the ratio of the input signal power for a full scale input to the input signal power when minimum 
signal usually has a SNR of 0dB .

DR=10log10Pmax/Pmin (2.23)
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2.4.2 Signal to Noise Ratio (SNR) 

SNR is defined as the ratio of the input signal power P s or root mean square RMS power of the 
input signal to the power of the noise PN or RMS noise power within the desired bandwidth.

SNR=10log10 P s /PN  (2.24)

For calculation of SNR, harmonic distortion terms are not included. The quantization noise and 
other sources of noise like thermal noise are used to calculate the SNR values. The only factor 
which  affects  the  SNR  values  of  an  ideal  ADC  with  respect  to  its  theoretical  value  is  the 
quantization noise, as it is the only noise taken into account for an ideal ADC. Another way to 
define SNR is, the measure of input signal power with respect to noise floor. Theoretically SNR of 
an ADC is given by,

SNRdB =6.02N1.76 (2.25)

where N is the ADC resolution.

2.4.3 Resolution

Resolution is defined as the change of the input signal of ADC which is indicated by the least 
significant bit (LSB) or the smallest output step. If V REF is the ADC reference voltage and N 
represents the number of bits, then LSB is given by,

lsb=V REF /2
N (2.26)

As a simple example, if V REF = 3V and N=4 bits, then LSB is 0.1875.

2.5 Non-linearity Issues

Mathematically, non-linearity is given by [2],

y t =1 x t 2 x2
t 3 x3

t .... (2.27)

x t  and y t  are  the  input  and  the  output  signals  and 1,2,3 are  small  signal  gain 
coefficients. Usually non-linearities of interest are the second and the third order non-linearities. As 
the order of the non- linearities increases their strength becomes limited thus they can be discarded.

2.5.1 Harmonic Distortion (HD)

If a single tone signal x t =A1 cos1 t is applied as an input to a non-linear system, then from 
equation 2.27 output y t is given by,

y t =1 A1 cos1t2 A1
2 cos2

1t3 A1
3 cos3

1t (2.28)

Simplifying the equation 2.28,
y t=2 A1

2/21 A133 A1
3/4cos1t2 A1

2/2cos21 t3 A1
3/4cos31 t (2.29)

where.. 2 A1
2/2 -DC term, (2.30)

1 A133 A1
3/4cos1t -Fundamental tone (2.31)

2 A1
2/2 cos21 t - Second Harmonic (2.32)

3 A1
3/4cos31 t - Third Harmonic (2.33)

In the equation 2.29, assume 1 A1≫33 A1
3/4 then 
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HD2 is defined by the ratio of the amplitude of the second harmonic term to the amplitude of the 
fundamental tone

HD2=2 A1/21 (2.34)

HD3 is defined by the ratio of amplitude of third harmonic term to amplitude of fundamental 
tone

HD3=3 A1
2/41 (2.35)

Figure 2.17: Harmonic Distortion

2.5.2 Total Harmonic Distortion (THD)

THD is defined as the RMS value of the fundamental signal to the square-root of the sum of the 
squares of harmonic distortion terms .

2.5.3 Signal to Noise & Distortion (SNDR)

SNDR is  defined  as  the  ratio  between power of  signal  to  power  of  noise plus  total  harmonic 
distortion.

SNDR=10log10P s/PNTHD (2.37)

2.5.4 Spurious Free Dynamic Range (SFDR)

SFDR is defined as the ratio of the fundamental signal power to the distortion component in the 
frequency spectrum having the largest power. This distortion components are sometimes called as 
Spur which may or may not be harmonic of fundamental signal.

SFDR=10 log10Ps/Pdis ,max (2.38)

where Pdis ,max is the largest or highest spur.
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Figure 2.18: SFDR

2.5.5 Intermodulation Distortion (IM)

When  more  than  one  tone  appears  at  the  input  of  system  which  is  non  linear  then  the 
intermodulation distortions (IM) are prone to happen. Analysis of the IM distortions are done using 
two tone test. If a two strong interferers represented by 

x t =A1 cos1tA2 cos2 t (2.39)

is applied to a non-linear system then according to the non-linearity equation 2.28

y t=A1 cos1 tA2cos2tA1cos1tA2 cos2 t 2A1cos1tA2 cos2 t3

(2.40)

manipulating  equation  2.40  using  trigonometric  functions,  the  second  and  third  order 
intermodulation products are obtained as follows

1±2 :2 A1 A2[cos 12tcos1−2t ] ,

21±2 : 33 A1
2 A2/4 [cos 212tcos 21−2t ] ,

22±1: 33 A1 A2
2/4 [cos 221tcos 22−1t ] (2.41)

By assuming A1, A2=A , the third order intermodulation distortion is given by the ratio of the 
amplitude of the third order intermodulation product to the amplitude of fundamental tone.

I M3=33/41 A2 (2.42)

Similarly, second order intermodulation distortion is given by the ratio of amplitude of second order 
intermodulation product to the amplitude of fundamental tone.

I M 2=2/1 A (2.43)
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Figure 2.19: IM products

2.6 Conclusion

This  chapter  discusses  the  basic  issues  of  the  generic  modulator  like  oversampling,  anti 
aliasing effects, quantization error etc. The discussion further leads the reader to have a grip on 
 architectures (first  and second order),  their  linear  models describing how the modulator 

reacts  to  a  input  signal  and  the  conversion  process  taking  place  within  the  model.  Various 
performance  measurement  terms  like  SNR,  SFDR,  SNDR  etc  of  the  modulator  are  explained 
effectively. Need for digital FIR filter at the modulator output has been justified. Need for advanced 
topologies  like  MASH  and  Leslie-Singh  architectures  to  implement   ADC  are  also 
explained.
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3 Data Sampling Techniques

3.1 Introduction

The fundamental operation of the sigma delta converter is the signal sampling. Before the signal is 
fed to the quantizer it has to be converted into a discrete signal (sample and hold) to minimize the 
effect of non-linearities from the quantizer.  There are wide variety of data sampling techniques 
which can be implemented in sigma delta converters, among them the SC and SI integrator are note 
worthy with  respect  to  the discrete  time converters  with  their  own merits  and limitations.  The 
operation  of  the  SC circuits  depends  on  the  capacitor  ratio's  and  the  opamps  can  be  modeled 
without the input leakage currents. At the same time they require more linear capacitor's thereby 
increasing the chip area and also opamps consume more power. On the other hand, the SI integrator 
offers  extensive  digital  processing  techniques  and  that  are  suitable  for  low  voltage  and  high 
frequency applications. Unlike the SC integrator, the SI integrator suffer from non-linearities such 
as clock feed through, process variations etc. Another variant of the sigma delta architecture which 
has high efficiency and accuracy is the continuous time sigma delta. It does not require a power 
hungry anti-aliasing filter and are less susceptible to high frequency noise pick ups. This chapter 
explains about merits and drawbacks of the SC [1], SI [2] and continuous time integrator [7].

3.2 Switched Capacitor Integrator 

The SC Integrator circuit consists of switches, capacitors and op-amp. The opamp is assumed to 
have infinite gain with high input impedance [4]. The positive terminal of the opamp is grounded 
and the negative terminal is virtually grounded, thereby no charge or current can flow through the 
input  terminals  of  the  op-amp.  The  switches  are  controlled  by  non  overlapping  clock  phases 

1,2
where 1

is the sampling phase and 2
is  the integrating phase. C1

, C2
are the 

sampling and the integrating capacitors. Figure 3.1 shows a single ended version of an SC integrator 
and Figure 3.2 shows their respective clock phases.   

Figure 3.1: Single ended SC integrator Figure 3.2: Clock phases

3.2.1 Operation

During the sampling phase 1
, the ends of the capacitor C1

is connected between the input 

voltage Vin t  and ground. Thus the capacitor starts to store the charge from the input signal 
assuming that the input signal remains constant during 1

. Similarly the ends of the capacitor 

C2 is connected between the opamp output and virtual ground of the op-amp. The op-amp is 
disconnected from C1 during the sampling phase [1],[4].

Vout t 

C1

C2

1

1

2

2
Vint 

1

2
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The charge stored on C1
is given by

q1kT =C1VinkT −0                                                  (3.1)

Assuming the input to SC integrator is from another block during a particular operation then charge 
on C1 is 

q1kT =C1VinkT−  (3.2)

The charge stored on C2 is 

q2kT =C2Vout kT −0 (3.3)

Since one end of C2 is connected to the virtual ground, charge on C2 will not change during the 
phase 1

and will retain its charge which is stored on the previous operation.

q2kT =C2Vout kT − (3.4) 

From 3.3 and 3.4,                   Vout kT =Vout kT−                                                  (3.5)

During the integration phase 2
, C1

is connected between the virtual ground of the opamp and 

the ground. Due to opamp's high input impedance, no charge can flow through its input. As a result 
there  exist  a  path  between C1

and C2
thereby  all  the  charges  get  transferred  to C2

.  The 

charge stored in C2 is

q2 kT=C2Vout kT (3.6) 

q2 kT can be written as 

q2 kT=q1kT q2kT  (3.7)

Since the charge is conserved at opamps negative terminal.

From equations (3.6),(3.2) and (3.4) 

                                   C2Vout kT=C1VinkT−C2Vout kT−             (3.8)

Taking z-transform and manipulating   

H  z=C1/C2⋅ z
−1/1−z−1 (3.9)

equation(3.9) represents the ideal transfer function of the SC integrator with gain C1/C2 .

3.3 Non-linearities in SC Integrator 

Most noted non ideal effects of the SC Integrator [1],[4] are parasitic capacitance effects, effects 
due to the finite gain and effects due to the finite bandwidth.

3.3.1  Effect of Parasitic capacitance 

The capacitors laid out on the silicon surface suffer from parasitics. Two polysilicon layers are 
separated by a thin oxide layer in between forms a capacitor.  The parasitic capacitance can be 
formed between the top layer and the substrate Cp1 , between bottom layer and substrate Cp2

and between connecting wires. The substrate Cp2 is always greater than Cp1 . Cp2 is almost 
20% of C1 . Usually bottom plate should not be connected to the sensitive nodes of the circuit 
like input of the op-amp. The parasitic capacitance limits the speed of the circuit. Figure 3.3 shows 
the parasitic capacitance associated with the SC integrator.
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Figure 3.3: SC integrator with parasitics

The parasitic capacitance associated with the input and the output can be neglected, since the input 
and the output signals are independent of the parasitics. Similarly, the parasitic capacitance between 
grounds or between the ground and virtual ground can be eliminated.  Thus parasitics Cp3 and

Cp4 are eliminated.
Now Cp1 and C p2 are the only parasitics associated with the SC circuit. During the sampling 
phase 1

, parasitic capacitance Cp1
acquires charge from the input signal along with C1

. At 

this point Cp2 can be eliminated as it is connected between two grounds. The charge acquired by 
Cp1 is given as  qCp1 kT =Cp1VinkT− .But the acquired charge is drained to ground in 

the integration phase since Cp1 is connected between the grounds. Thus Cp1 and Cp2 will not 
affect the functionality of the circuit and the circuit is parasitic-insensitive.

3.3.2 Effect of Finite Bandwidth in Opamp

The finite  bandwidth  effect  in  opamp can  limit  the  speed  of  the  circuit  in  both  sampling  and 
integration phase. Since the integration stage is critical, the impact of the finite bandwidth effect in 
this  phase  is  analyzed. The  ideal  transfer  function  of  the  SC  integrator  is 

H  z =C1 /C2⋅ z
−1/1−z−1 where C1/C2 can be replaced by a constant k. Figure 3.4 shows the 

single ended SC integrator with a parasitic capacitance connected to the virtual node of the opamp. 
The opamp 3-dB bandwidth is given by the multiplication of feedback factor  and the opamp 
unity gain frequency  . The feedback factor  represents the fraction of the output voltage fed 
back to the opamp input and is given by

=C 2/C1C pC 2 (3.10)

For a single stage opamp, unity gain frequency  is given by

=gm /C L                                                                         (3.11)

where C L represents the load capacitance and g m represents the transconductance of the opamp 
during integration phase.

C L=C1C p                                                                 (3.12)

Combining equations 3.10, 3.11 and 3.12 gives 3-dB bandwidth,

                                               3dB==g m/C L =gm/ C 1C p

The relative settling time for the integration phase is 
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                                               =e− .t s=e−gm/C1C p ⋅ts                                                (3.13)      

where t s is available settling time.

Ideally all the charges from C1 has to be transferred to C2 during the integration phase but due 
to this finite bandwidth only a portion of the charge is transferred to C2 and the remaining charge 
in C1 is determined by the relative settling time. Hence a gain error occurs in the SC integrator. 
The resulting transfer function of the SC integrator due to the finite bandwidth is

                                              H  z =1−. k.z−1/1−z−1 (3.14)

Figure 3.4: Effect of finite bandwidth and gain

3.3.3 Effect of Finite Gain in Opamp

Impact of finite gain in opamp during both sampling and integrating phase of the SC circuit is 
analyzed.  The  opamp of  figure  3.4  is  assumed  to  have  a  finite  gain Ao .  Then  the  negative 
terminal of the opamp will no longer be a virtual ground. There exist a potential V out /Ao in the 
negative terminal of the opamp. This gain affects the normal charge distribution in the SC circuits.

The charge stored on the capacitors during the sampling phase is 

                      q=Vinn−1⋅C1Vout n−1⋅C2Vout n−1/ Ao⋅C pC2                 (3.15)

where V x n−1 is the voltage at time t=(n-1)T.

The charge stored on the capacitors during the integration phase is

                     q=Vout n−1/2⋅C fVout n−1/2/Ao⋅C pC2C1                           (3.16)

where V out n−1/2 is the voltage at time t=(n-1/2).

The  charge  stored  on  the  capacitors  during  the  sampling  phase  is  equal  to  the  charge  on  the 
capacitors in the integration phase because of the charge conservation between two clock phases. 
Thus the transfer function of the SC circuit under the effect of finite bandwidth is given by the 
equations (3.16) and (3.15)

 H  z=r2⋅k⋅z−1
/1−r2/r1 z

−1
 (3.17)

where r 2 is gain error and r 2/r1 represents leakage error

r 2=1/ 1C1/C2C p /C 2/Ao1 (3.18)

r 2/r1=1−[C1/C2/Ao] (3.19)
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3.4 Limitations of SC circuits

SC circuits require a large chip area due to the presence of capacitors [1]. Need for linear capacitors 
has been a major limitation for the SC circuits. Opamp of the SC circuits consume more power and 
their non-idealities limits the performance and the efficiency of operation.
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3.5 Switched current Integrators

The switched capacitor integrator [1],[4] is one among the best data sampling technique. However, 
it occupies a large area and needs a high performance opamp to increase the operating speed. On the 
contrary,  opamp  with  the  high  DC  gain,  linear  settling  time  and  the  large  phase  margin  is 
cumbersome to design.

The switched current circuit designs have low impedance and parasitic capacitance when compared 
to  the switched capacitor  design.  It  can efficiently  operate  at  low supply voltages.  The  supply 
voltage  does  not  limit  the  signal  range  since  the  signal  carriers  are  current.  Furthermore, 
requirement of supply voltage is given by 

V dd≥V tV gs−V t1miV gs−V t (3.20)

where mi is the input modulation index (ratio of highest input current to the bias current). Figure 
3.5. represents a lossless SI integrator. The SI integrator is formed by cascading two SI memory 
cells, the output of the second memory cell is feed back to the input of the first memory cell. Each 
memory cell is fed with non overlapping clock signals. 

Figure 3.5: Lossless switched current integrator

3.5.1 Basic building Blocks

The basic building blocks for the SI integrator is the memory cell [2]. It can be classified into two 
types: First generation and second generation memory cells depending on the data retrieval method. 
Figure 3.6 (a) represents the first generation memory cell and (b) represents the second generation 
memory cell. In the first generation memory cell data is sampled in the transistor T1 and retrieved 
from the transistor T2 . The dimension of the transistor plays a vital role in their transfer function. 
Hence they are sensitive to mismatch and acts similar to a current mirror when the switch is on.
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Figure 3.6 (a)First generation memory cell (b) Second generation memory cell

The second generation memory cell can retrieve the data from the same memory transistor T1 and 
also from the other transistor. Its transfer function is given by equation (3.22).

 I out1 z

 I n z
=z−1

(3.22)

3.6 Non-linearities in SI integrator

The fundamental limitation of the oversampled ADC is their speed and noise. In the SI circuits all 
the  errors  increases  along  with  the  bandwidth.  non-linearities  involved  in  the  SI  circuits  are 
discussed as below [2]

3.6.1 Mismatch error

Despite using the same transistor as input and output in the second generation memory cell, the SI 
circuits  suffer from mismatch problem due to the local variations in the transistor.  The current 
equation of the memory transistor is given as 

                                                 I d=
Cox

2


W
L
V gs−V t

2
1V ds  (3.23) 

The variation in all the parameters of the current equation results in the variation current  I . The 
relative current variation is given by equation (3.24).

 I 
I

=
C ox

Cox


W 

W
−

2V t

V gs−V t


2V gs

V gs−V t


V ds

V ds
1




(3.24)

In the relative current variation equation first three terms are determined by the process and last two 
terms are  determined by the layout.  Care full  floor planning and layout  are  required for better 
matching.

3.6.2 Finite Input and Output Conductance ratios 

In case of the second generation memory cell, the output current must be equal to the input current 
delayed by half a period. However, the finite input-output conductance ratio reduces the output 
current as given in equation (3.25). This effect is same as the effect of finite DC gain of opamp in 
the SC circuits

1
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   iout n≃
−in n−

1
2


1
2
Ai


(3.25)

Ai=
gm

gds
(3.26)

gds=
∂ I d

∂V ds
=

 I d

1V ds
≃ I d                         (3.27) 

The drain gate capacitance Cdg couples along with the memory capacitor and increases the output 
capacitance, total output capacitance is given by 

g0=gds
Cdg

CCdg
⋅gm  (3.28) 

The input-output conductance ratios is changed to                                              

Ai=
gm

g0

≃
CCdg 

Cdg

=
Cox W⋅L

Cox W⋅LD 
=

L
LD

(3.29) 

where LD is  the  field  oxide  encroachment  parameter  and L is  the  length  of  the  memory 
transistor.

3.6.3 Settling errors 

The operation of the SI circuits depends on the charging and discharging of gate capacitance. The 
time for charging and discharging process is determined by the sampling frequency. Settling time of 
the SI memory cells is determined  by the time constant =C gm/ gm0 . Time domain response is 
given as

 iout t =n−1−e−0∗t 
⋅int  (3.30) 

which is similar to the SC circuits. In-order to achieve 0.01 % percentage settling accuracy, the 
settling  time  must  be  1.5  times  greater  than  the  reciprocal  of  the  pole  frequency.  Hence,  the 
sampling frequency must be smaller than the given pole frequency to minimize the settling errors.

3.6.4 Clock Feed Through(CFT)  

Clock Feed Through (CFT) errors  occurs  inherently  due the switching operation.  The parasitic 
capacitance of the switching device (MOSFET) induces charge to the gate of the memory transistor 
during on and off. When the switch is on, due to the parasitic gate to source capacitance of the 
switch some charge flows to the gate capacitance of the memory transistor resulting in an error 
voltage at the gate. Also when the switch is in cut off state, the charge established while conduction 
must be completely depleted, which is not possible due the residual charge another error voltage is 
introduced. The error voltage of the gate memory transistor is given by 

V gs=
Qol⋅Qch

C
 (3.31)

Qol is the charge due to the overlap capacitance (lateral diffusion of drain and source  area) and 
Qch charge due to the channel capacitance (layer beneath the gate when the transistor is on). 

determines the portion of the channel charge flows through the memory capacitor C, which depends 
on many factors such as nodal impedance and the switching speed etc ranges from 0.5 to 1. The 
error current due to the error voltage is given by 

  i=gm⋅V gs  (3.32) 
Further  simplifying  the  equation  and  neglecting  the  higher  order  terms,  error  current  can  be 



50 Chapter 3 Data Sampling Techniques

represented as       

 i≃0{k ikd.
i
j
}  (3.33) 

where k i is the coefficient of signal independent part  and kd  is the coefficient of the signal 
dependent part. It is seen from the equation (3.33) the error current is directly proportional to the 
cut-off frequency. High speed SI circuits suffer more due to CFT error.

3.6.5 Noise

Neglecting  the  low  frequency  noise  such  as  flicker  noise  only  the  thermal  noise  power  is 
considered. Noise contribution of the memory cells is from the memory transistor and from the 
current source neglecting the contribution from the given load.  The total  current spectral  noise 
density is  given as

in
2

 f 
=

8
3

kT gm0gmj (3.34) 

where gmj transconductance from the current source J. The sampling operation does not change 
the total noise power but only redistributes it. Voltage swing of the SI circuits referred to the gate 
from the signal swing is smaller than the supply voltage. Thereby increasing the width of all the 
transistors and bias current by a constant it is possible to maintain the speed at the cost of power 
consumption. The flicker noise is ignored in second generation due to the double sampling.

3.7 Limitations of SI circuits

In the SI circuits, mismatch always exists due to the current mirrors. It is complex to design the 
mirror  transistors  with  error  less  than  0.1%  in  the  standard  CMOS  process.  Even  with  large 
transistors it is not possible to reduce the error less than 0.1%. The SI circuits have large noise when 
relatively compared to the SC circuits. Dynamic range of the SC circuits is better than the SI. The 
advantage of the SI circuits such as high speed and low supply voltage can be utilized upto certain 
extent only.
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3.8 Continuous time  Modulators

In  the continuous time  modulator  [7],  signals  are  represented  by analog  continuous-time 
waveforms; thereby constraint of the bandwidth due to the use of the opamp is relaxed unlike the 
DT modulator. Larger glitches appears on the virtual ground node of the operational amplifier in 
the SC circuits. On the contrary, in continuous time (CT) circuits the virtual ground can be kept 
very quiet. Another problem is noise due to the switches and the opamp is sampled along with the 
input signal in the SC circuits. In CT, the sampling operation is performed before the quantizer. The 
shift of the sampling operation after the filter in the forward signal path results in inherent anti-
aliasing property.  Also each non-linearities present in the system is  subjected to noise shaping. 
Hence in high speed circuits, CT implementation is a better choice. Figure 3.7 shows the first order 
CT  modulator.

Figure 3.7: Continuous time  modulator

3.8.1 Loop Filter Transformation

There exists abundant literature for the design of the DT  modulator. In-order to increase the 
speed of the ideal design and simulation, CT loop filter H(s) can be represented in DT H(z) by 
choosing an appropriate transformation method. The synthesis of DT-to-CT conversion can be done 
by using pulse invariant transformation or Modified z-transformation or State space method. The 
State space method is uncommon and modified z-transform is used for multi-rate sampled systems 
[7]. It is not necessary that the loop filter obtained by both the transformation to be equal. There 
exists a marginal difference between the impulse invariant and modified z-transform, since in the 
modified  z-transform  excess  loop  delay  is  not  accurately  modeled  compared  to  the  impulse 
invariant  transform.  It  models  assuming  excess  loop  delay  appearing  at  the  filter,  whereas  it 
originally happens after the quantizer sample instant and feedback DAC pulse. In this project work 
impulse invariant transform is used for DT-to-CT conversion. Figure 3.8 represent CT equivalence 
of a DT  modulator.

3.8.2 Impulse Invariant Transformation

DT-to-CT conversion depends on the clock signal of the internal quantizer which is similar to the 
DT system. Figure 3.8 represents CT(b) equivalence of the DT(a) system. The transformation is 
synthesized by considering the input of both the quantizer x(t) and x(n) to be same at the sampling 
instants. Thereby the output bits and the noise performance of both the modulators are identical. In 
CT modulator the transfer function of DAC is given by RDAC(s) .
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Figure 3.8: Continuous time (b) equivalence of discrete time (a)  modulator

The loop filter transformation is given as

Z−1
[H  z]=L−1

[RDAC  s⋅H s ]∣t=nT s∣
(3.35)  

The time domain representation is given as

hn=[rDAC t ∗ht ]t=nT s
=∫

−∞

∞

rDAC ⋅ht−⋅d∣t=nT s∣
(3.36)  

This gives a CT loop filter H  s , with a specific DAC transfer function RDAC  s which exactly 
matches the noise-shaping behavior of a DT loop filter H  z  . For any given DT architecture CT 
equivalent can be determined by the equation (3.36), by simply dividing it into its partial fractions 
and incorporating the basic equivalents, while adopting appropriate transfer function RDAC  s for 
DAC. 

3.8.3 CT Feedback Realization

From equation 3.36, it  is obvious that the loop filter of CT modulator has to be designed with 
respect to the DAC feedback. Feedback wave form of the CT modulator is integrated over time, 
which makes the modulator to be sensitive towards any deviation from the ideal waveform. The 
possible DAC feedback wave forms are classified as NRZ-DAC, RZ-DAC, linear-decaying DAC, 
quadratic-decaying DAC, SCR-DAC, cosine-DAC, linear-slope DAC and nonlinear-slope DAC. 
Among these the most commonly used DAC feedback waveforms are: non return zero (NRZ) DAC 
and return zero (RZ) DAC. Figure 3.9 represents the NRZ and RZ DAC feedback waveforms.
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Figure 3.9: (a) NRZ -DAC waveform and (b) RZ -DAC waveform

The NRZ-DAC and RZ-DAC waveform can be easily generated by switching the feedback current 
or the voltage sources. The nomenclature of the NRZ-DAC and RZ-DAC feedback waveforms are 
obtained in  detail  from a rectangular  waveform as represented in the figure 3.10.  Each sample 
provides a feedback within (td <t< t1 ) or normalized with respect to Ts. The normalized time instants
 and  with respect to Ts are td/Ts  and t1/Ts  respectively. In addition the clock interval tn is 

ideally multiples of the sample time Ts i.e., tn = nTS. However, due to the rectangular feedback 
waveform any jitter in the sampling clock influences the modulator output as well as the rising and 
falling edges. Error due to the ADC is noise shaped by the filter whereas the error due to DAC is 
directly fed to the input. Thus the clock jitter limits the overall performance of the modulator. Also 
the  quantizer  and  DAC cannot  switch  simultaneously  this  delay  further  affects  the  loop  filter 
characteristics.

Figure 3.10: (a) NRZ -DAC waveform and (b) RZ -DAC waveform 

3.8.4 DT-to-CT Conversion of Second order Modulator

CT second order modulator is obtained by the transformation of DT second order modulator [7]. 
The transformation from DT-to-CT is synthesized using impulse invariant transformation. Figure 
3.11 (a) represents a second order DT modulator and (b) represents the equivalent CT second order 
modulator. a1, a2 are  the  scaling  coefficients  of  the  DT integrators  and k1, k2 are  the  scaling 
coefficients  of  the  CT integrator. k sig is  the  input  scaling  coefficient  of  CT modulator  which 
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depends on the DAC feedback waveform. 

Figure 3.11: (a) Second order DT modulator and (b) Equivalent second order CT modulator

The transfer function of DT integrator is given as 

H  z=
z−1

1−z−1 (3.37)

From Figure 3.8, the open loop transfer function of DT modulator is given as  

LF  z =a2⋅H  z −a1⋅a2 Hz 
2
=−

a2

z−1
−

a1⋅a2

z−12 (3.38)

The s-domain equivalents for the DT integrator is given in Table 3.1.
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Table 3.1: s-domain equivalents for the DT integrator upto fourth order

From the table LF DT-to-CT is given as

LF  s∣DT−CT∣=−a2

F s

−

s
−a1 a2

1
2

F s−2

−
s

F s
2

−

s2

(3.39)

Equation 3.39 represents the CT equivalent of the DT modulator shown in Figure 3.10 (a). Figure 
3.10 (b) represents the CT modulator from which the integrator transfer function can be given as 

H s =I /s open loop transfer function of CT modulator from Figure 3.8 is given as 

LF  s=−k2 H s−k1 H2
s =−k2

I

s
−k1

I
2

s2 (3.40)

                                   H s =
I

s
≃

F s

s
(3.41)

H s =−k2

Fs

s
−k1

F s
2

s2 (3.42)

Now  by  assuming  the  NRZ  DAC  pulse =0 and =1 ,  and  substituting  these  values  in 
equation (3.39)  

      LF  s∣DT−CT∣=−a2−
a1 a2

2


F s

s
−a1 a2

F s
2

s2 (3.43)

now by comparing the equation 3.39 and 3.43 it is possible to obtain the scaling coefficient values 
of CT modulator.

k1=a1⋅a2 (3.44)

k1=a2−
a1⋅a2

2
(3.45)

3.9 Limitations

The continuous time data sampling has acquired less attention compared to the switched capacitor 
and switched current data sampling techniques. The major practical difficulty is the simulation of 
the practical circuit takes longer time and is different from ideal circuit. Furthermore, design of 
OTA for filter imposes various constraints. Nevertheless, continuous time sampling is preferred for 
high speed circuits compared to the switched capacitor and switched current data sampling.
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3.10 Conclusion

Generally  data  sampling  techniques  are  classified  into  discrete  time  and  continuous  time  data 
sampling.  The discrete  time sampling can be achieved using the SC and SI  circuits.  Similarly 
continuous time sampling can be done with help of OTA. The advantages and limitations of both 
the data sampling technique are briefly explained in this chapter. From the above three models (SC, 
SI, CT), SI (Switched Current) technique is used in this thesis work since Current mode 
modulator implemented has to work under low voltage and high speed environment. 
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4 Behavioral Modeling

4.1 Introduction to Leslie-Singh Architecture

From the previous discussions, the Switched Current (SI) data sampling technique is chosen as a 
best choice for implementing the  modulator due to the advantage of processing signals in the 
current domain. Among different types of  topologies available in literature (section 2.2,2.3), 
Leslie-Singh Architecture is chosen, since the first and second order  modulator suffers from 
multi bit DAC non-linearities in the feedback loop (section 1.3). Furthermore  modulators of 
increased order posses a serious limitations on the stability of the circuit. Leslie-Singh architecture 
uses multi bit quantizer with 1-bit DAC thereby reducing the requirements on the DAC design. In 
addition,  it  uses  the  truncation  error  correction  circuit  consisting  of  the  differentiator,  MSB 
processing digital circuitry and an adder to add the LSB and MSB bits at its end. Figure 4.1 shows 
the block level description of the Current mode second order  modulator implemented using 
Leslie-Singh architecture.

Figure 4.1: Block diagram of current mode  modulator

The Current mode  modulator of figure 4.1 is divided into two major blocks: Second order 
 and Digital  Error Correction block.  The second order  block is  used to reduce the 

quantization noise to a smaller amount when compared with the first order. Further it shapes the 
quantization noise and pushes it to the much higher frequencies such that the shaped noise can be 
removed  using  a  digital  decimation  filter  at  the  output.  Usually  without  this  digital 
decimation  filter  is  called  as  modulator.  Figure  4.1  shows  the  Second  order  modulator 
implemented using the Leslie-Singh architecture.  By adding a  digital  decimation filter  block to 
figure  4.1 will  make it  a  ADC. For  the detailed  explanation  of  the  second order 
modulator refer section 2.3. The  modulator proposed in this thesis work has a resolution of 
4-bits which means the sub block ADC of figure 4.1 has a resolution of 4 bits. Of these 4 bits only 
the  MSB  bit  is  sent  to  the  feedback  loop  of  modulator  there  by  relaxing  the  linearity 
requirements of the DAC placed in  the feedback path.  By doing so only the MSB bit  is  error 
corrected at  the output of sub block ADC. The remaining three LSB bits  is  left  alone.  But for 
efficient operation, all the bits from the ADC sub block have to be error corrected which means a 4-
bit DAC is required. However designing a 4 bit DAC will impose serious limitation to the 
modulator accuracy. The  modulator implemented with Leslie-Singh architecture overcomes 
these limitations by using a Digital Error Correction block at the cost of increasing circuitry. The 
digital error correction block consists of a differentiator, MSB processing digital circuitry and an
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 adder circuit. This differentiator block is used to process the left over 3 LSB bits from the ADC sub 
block. The error corrected LSB bits from differentiator is added along with the error corrected MSB 
bit  from the MSB processing digital  circuitry  to produce a  4 bit  output  which when processed 
through a 4-bit current DAC will produce the same output as that of the input Iin . In general as 
the order  of  increases,  multipliers  must  be required to  scale  down the signal levels.  The 
Leslie-Singh architecture of figure 4.1 can be called as hybrid  modulator since it consists of 
both analog and digital parts and also its worth noting that the input to this architecture is current 
and  output  is  in  voltage  form.  The  ADC  sub  block  takes  the  current  as  input  and  produces 
corresponding voltage levels (bits) at the output. The bits are processed by the following digital 
circuitry. Similarly the 1-bit DAC at the feedback loop takes one (MSB bit) of the four bits from the 
ADC output and converts it to the corresponding current signal, in-order to get it processed by its 
preceding circuit.

4.1.1 Derivation of STF and NTF

Figure 4.2 shows the linear model of  the second order  modulator without the differentiator 
circuit. H 1 z and H 2 z are  the  transfer  functions  of  the  linear  integrator  model e1 and 

e2 are the error signals of the first and second order loop.  ,  are the multipliers used to 
scale down the output signal swing of the first integrator. 1-bit feedback DAC is assumed to be 
unity  gain  and  a  delay  element  in Integrator1 and Integrator2 is  represented  as z−1 in  z-
domain showing that the delay is one time unit.

The z-transform representation is followed to identify the STF and NTF of the second order 
modulator. The feedback error signal e1 is given by relation

e1=x  z − y  z (4.1)
From the figure 4.2 following relations are obtained,

v1=e1⋅H1z  (4.2)
From equations 4.1 and 4.2, integrator 1 output is given by,

v2=[x  z − y z ]⋅H 1 z (4.3)
Similarly feedback error signal e2 is,

e2=v2−⋅y  z  (4.4)

Figure 4.2: Linear model of second order  block

The output signal of the second integrator is,
v3=[ x  z− y  z ]⋅H1 z⋅H2 z⋅−⋅y  z⋅H2 z (4.5)

The output node y  z is,
y  z=v3q z  (4.6)

where q  z represents the quantization noise from the ADC sub block.
Using the equation 4.5 in 4.6 and re-arranging,

y  z⋅[1H2 z [⋅H1 z ]]=x  z⋅H 1 z⋅H 2 z⋅q z  (4.7)
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y  z=[[ x  z⋅H1 z⋅H2 z⋅]q z ] /[1H 2 z[⋅H1 z]] (4.8)
from 4.8 STF is,

y  z=[ x z ⋅H1 z ⋅H2z ⋅]/[1H 2 z [⋅H1 z ]] (4.9)
NTF is,

y  z=q z / [1H2 z [⋅H1 z ]] (4.10)

4.1.2 Realization of Differentiator Transfer Function

The transfer  function of  the  differentiator  in  figure  4.1 can be  realized from the Second order 
 linear model (figure 4.2) with few modifications. Figure 4.3 shows the linear model of the 

second order  modulator implemented using the bit splitting technique. Here the bit splitting 
technique is followed, since the MSB bit ym from ADC sub block has to be processed through the 
feedback loop and the remaining LSB bits y l  has to be processed through the differentiator. 
Since the DAC is assumed to have unity gain it is not shown in figure 4.3. A quantizer is placed in 
the feedback path and the MSB bit is split from the other LSB bits. y  z is addition of MSB and 
LSB bits y  z= ym y l .

Figure 4.3: Modified linear model to realize STF of differentiator 
Now,

ym= y '  z − y l (4.11)
The error signal from first loop is given by,

e1=x  z − ym (4.12)
At node y1 ,

y1=e1 y1⋅z−1 (4.13)
using 4.12 and 4.13,

y l=x  z− ym /1−z−1 (4.14)
Similarly, the error signal from second loop is,

e2= y1− ym (4.15)
At node y2 ,

y2=e2 y2 z−1 (4.16)
Substitute 4.15 in 4.16 and re-arranging,

y2= x z − ym[1−z−1
]/1−z−1


2 (4.17)

Referring figure 4.3,
y '  z= y2⋅z−1

q  z (4.18)
Substituting 4.17 and 4.11 in 4.18,

ym y l=[ x  z  z−1
/1−z−1


2
]−[ ym z−1

[1−z−1
]q z ]/1−z−1


2 (4.19)

Now re-arranging 4.19, the transfer function of the total system of figure 4.3 is,
ym [1−z−1 2 z−1 z−1 1−z−1] y l1−z−1 2= x z z−1q z1−z−12 (4.20)

The equation 4.20 represents the transfer function of the linear model of figure 4.3. From 4.20 it is 
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clear that to attain the output term 
 x z  z−1

q  z1−z−1


2

the MSB bit ym has to be processed through the term
ymsb  z= ym[ 1−z−1


2
⋅z−1

 z−1
1−z−1

] (4.21)
Similarly the LSB bits has to be processed through

ydiff z = y l1−z−1


2 (4.22)
The  equation  4.22  represents  the  transfer  function ydiff z  of  a  differentiator.  This  transfer 
function is reciprocal of the two multiplied transfer functions of the integrators of figure 4.3.

4.1.3 Realization of MSB processing circuitry Transfer Function

The equation 4.21 shows that, in-order to obtain good accuracy, the MSB bit should not only be 
processed through the feedback loop but  also through the digital  circuitry  of  the  Digital  Error 
Correction block. The transfer function ymsb  z of MSB processing digital circuitry is,

ymsb  z= ym[ 1−z−1


2
 z−1

 z−1
1−z−1

] (4.23)
The equation 4.23 can be further simplified as,

ymsb z= ym[1z−1
−2 z−2

1−] (4.24)
where m1=−2 & m2=1− then equation 4.24 becomes,

ymsb z= ym[1z−1
m1z−2

m2] (4.25)
Figure 4.4 shows the transfer functions of each of the sub blocks of Current mode  modulator 
implemented using the Leslie-Singh architecture. Calculation of the integrator transfer functions 

H 1 z and H 2 z are explained in section 4.3.2. Similarly the linear model of the Digital Error 
Correction block is shown in figure 4.13.

Figure 4.4: z-transform of current mode  modulator

4.2 Behavioral modeling and Simulation

The Current mode  modulator of figure 4.1 is modeled and tested by implementing the design 
using matlab and cadence 6.1.5 simulation tools. Using matlab two different models of the Current 
mode  modulator are implemented namely, SFG model (4.3.4) and Mathematical model (4.4).
The  cadence  implementation  of  the  current  mode  modulator  is  done  using  Verilog  A 
modeling (4.5). The Digital Error Correction block of figure 4.1 is implemented using matlab - SFG 
model and it is kept as a generic model for the implementation of all the three models. Thus the 
design  and testing  of  the  Current  mode  modulator  in  figure  4.1  is  done  by  keeping  the 
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Digital Error Correction block as a SFG model in all three cases. After testing and verifying the 
results using three models the transistor level design of individual blocks of Current mode 
modulator  is  carried  out  in  cadence  6.1.5.  The  following  sections  briefly  describes  the 
implementation of the three models in matlab and cadence.

4.3 SFG model

Before entering into the original implementation of the design shown in figure 4.1, a simple SFG 
modeling of filter is explained in the section 4.3.1 to obtain a basic idea on SFG implementation. 
Then behavioral model of the first order  modulator and second order  modulator are 
designed in matlab using signal flow graphs (SFG). The ASIC toolbox developed at ES, Linköping 
University provides a simple way for manipulating the signal flow graphs and the functions to 
evaluate the properties of the signal flow graph. 

4.3.1 Simple Filter design

The  signal  flow graphs  are  created  by  adding  the  operations  (add,  subtract,  multiply)  that  are 
connected using nodes. The signal flow graph starts initially using an empty matrix SFG [] further 
to add an operation the addoperand function from the ASIC tool box is used. Figure 4.5 represents a 
simple filter whose nodes are numbered from 1 to 4. Each operand has an identifying number and 
only operands of the same type must have different numbers.

Figure 4.5: Simple filter

The corresponding SFG code of the filter in figure 4.5 is shown below

sfg = [];

sfg = addoperand(sfg, 'in', 1, 1);

sfg = addoperand(sfg, 'add', 1, [1 2], 3);

sfg = addoperand(sfg, 'delay', 1, 3, 4);

sfg = addoperand(sfg, 'mult', 1, 4, 2, 0.5);

sfg = addoperand(sfg, 'out', 1, 4);

4.3.2 First and Second Order  Modulator

Figure 2.9 and 2.15 shows the linear model of the first and second order  modulator. Initially 
the non-linearities affecting the gain and the signal bandwidth are not considered and the feedback 
DAC is assumed to be unity gain. The whole system is considered to be ideal. The transfer function 
of Second order  is shown in equation 4.8 ,

y  z=[[ x  zH1 z H 2 z⋅]q z ] /[1H 2 z[⋅H1 z]]

In the above equation H1 z and H 2 z represents the transfer function of the individual sub 
blocks Integrator1 and Integrator2 .  Figure  4.8 represents  the  linear  model  of Integrator1
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and Integrator2 .

Figure 4.8: Linear model of Integrator1 and Integraor2

Realization of Integrator1 transfer function:

In figure 4.8, both Integrator1 and Integrator2 are designed using two operations (adder, delay) 
and  are  connected  by  nodes.  Both  have  a  positive  feedback mechanism but  they  differ  in  the 
placement  of  delay  element  in  the  feedback  loop.  Lets  assume x  z and y  z as  input  and 
output signals of both the integrators. Then transfer function of Integrator1 is derived as follows,

x  z y  z . z−1
= y z  (4.26)

where x  z y  z . z−1 is the signal after the adder of Integrator1 in figure 4.8.

Re-arranging the equation 4.26,

H 1 z=1/1−z−1 (4.27)

Similarly the transfer function of Integrator2 is derived as follows,

[x  z  y  z] z−1
= y z  (4.28)

where [x  z  y  z] z−1 is the intermediate signal after the adder of Integrator2 in figure 4.8.

Re-arranging the equation 4.28,

H2 z=z−1
/1−z−1 (4.29)

H 1 z and H 2 z of equations 4.27 & 4.29 represents the integrators transfer function.

From the equation 4.26, it  is clear that the Integrator1 adds up the present input and the past 
output but Integrator2 adds up the present input and output and delays it by one time unit z−1

(refer equation 4.28). Irrespective of their differences both the integrators produces same output for 
example, a constant dc voltage of 0.2V is applied to both the integrators then their outputs will add 
up in the following manner 0.2,0.4.0.6....so on. In-short applying a dc signal at the input will result 
in a ramp signal at the integrators output. The reason for using Integrator1 and Integrator2 is to 
reduce the delay in signal transfer function from input to output of figure 4.2.

After deriving the transfer functions, the integrators are modeled in matlab as SFG shown in figure 
4.8. A sin signal of 100 A amplitude, generates a output signal whose amplitude level ranges 
between 0mA−4mA with  an  offset  and  phase  difference  when  compared  to  the  input. 
Mathematically, the integration of sin is cos and figure 4.9b represents the corresponding cos signal 
for a given sin signal(figure 4.9a) as input.
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 Figure 4.9a: Integrator's input                                    Figure 4.9b: Integrator's ouput

After testing the functionality of the integrators, simulations are carried out for the first and second 
order  modulator.  The SFG model is generated for both the first  and second order 
modulator  as  shown in figure 2.9 and 2.15.  The sub block ADC (quantizer)  is  modeled as  an 
additive noise q z  added along with the Integrator2 output. Both the first and the second order 
modulator are tested with a sin signal of frequency 20MHz, OSR=64, sampling frequency of 2.56 
GHz. The FFT spectrum of the output signal is plotted and the performance metrics are calculated 
and tabulated below

First order Sigma Delta Modulator with one bit quantizer 

SNR 53.2714 dB

SNDR 52.8228 dB

SFDR 64.0578 dB

Table 4.1: First order sigma delta modulator with one bit quantizer

Second order Sigma Delta Modulator with one bit 
quantizer

SNR 80.1547 dB

SNDR 74.1428 dB

SFDR 80.5369 dB

Table 4.2: Second order sigma delta modulator with one bit quantizer

First order Sigma Delta Modulator with 4-bit quantizer 

SNR 78.7941 dB

SNDR 72.641 dB

SFDR 77.0098 dB

Table 4.3: First order sigma delta modulator with 4-bit quantizer

Second order Sigma Delta Modulator with 4bit quantizer

SNR 102.078 dB

SNDR 94.9048 dB

SFDR 102.718 dB

 Table 4.4: Second order sigma delta modulator with 4-bit quantizer
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 Figure 4.10: Output spectrum of first and second order  modulator

4.3.3 Trade-offs

The tradeoff between the resolution and the sampling rate sets the performance limit of the ADC. 
At high conversion rates the speed of device is also a limiting factor. The resolution is dynamically 
measured  as  SNR,  Spurious  Free  Dynamic  Range  (SFDR)  and  noise  power.  For  high  speed 
applications SNR and SFDR ensures accurate measure of the performance. Theoretically, SNR can 
be calculated using equation 4.30 in dB.

SNR=6.02N1.7610logOSR2L1
−10∗log

2L

2L1
(4.30)

where N & L represents quantization bits and order of the modulator.

From the above equation, SNR of the ADC is determined by the product of number of quantizer bits 
and the sampling rate i.e., by increasing N and the sampling rate SNR can be increased. However, 
according to the Heisenberg's uncertainity principle,  “The position and momentum of a particle 
cannot be simultaneously measured arbitrarily with high precision”. There is a minimum for the 
product  of  the  uncertainties  of  these  two measurements.  There  is  likewise  a  minimum for  the 
product of the uncertainties of the energy and time. In case of ADC E represents lsb/2 and 
 t represents T /2 .

Et
h
2

(4.31)

Theoretically the calculated SNR for the first order and second order  modulator is shown in 
Table 4.5. 

Order (L) Quantizer 
resolution(N)

SNR dB

1 1 141.43

2 1 220.68

1 4 159.49

2 4 238.74

Table 4.5: Theoretical calculations

Practically tabulated SNR for the first order and second order  using SFG model of figure 4.6 
and 4.7 is shown below
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Order (L) Quantizer 
resolution(N)

SNR dB

1 1 53.27

2 1 90.94

1 4 78.79

2 4 106.02

Table 4.6: Practical calculations
Figure 2.9 and 2.15 shows the graphs between the parameters OSR and SNR for both the first and 
second order modulators theoretically and practically.

Figure 4.11: Theoretical trade offs of first and second order  modulator with 1 and 4 bit  
quantizers

Figure 4.12: Practical trade offs of first and second order  modulator with 1 and 4 bit  
quantizers

It is clear from the graphs that the SNR increases with the order(L) and the quantization bits(N) . 
The graphs are obtained by sweeping the OSR for different increasing values.
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4.3.4 Current mode  Modulator

Figure  4.13  shows  the  linear  model  of  the  Current  mode  modulator  implemented  using 
Leslie-Singh architecture. The structure shown below is exactly an SFG model of figure 4.4. The 
Digital Error Correction block is constructed from the equations 4.22 & 4.25.

Figure 4.13: SFG model of current mode  modulator

The  Current  mode  modulator  in  figure  4.13  is  simulated  with  a  sin  signal  of  frequency 
20MHz, sampling frequency of 2.56GHz, OSR = 64, 4-bit quantizer and multiplier with coefficients 
 , to be 0.125 and 2. The output FFT spectrum and the performance metrics are shown below
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Figure 4.14: Output spectrum of SFG model

Current Mode  Modulator – SFG model

SNR 62.6475 dB

SNDR 61.9219 dB

SFDR 74.3006 dB

Table 4.7: Performance metrics of SFG model
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4.4 Mathematical Model

In the previous section the Current mode  Modulator is implemented using signal flow graphs 
which consists of pre-defined functions from ASIC toolbox to perform the operations like addition, 
multiplication, delay, quantization etc. In this section a mathematical model is developed in matlab 
to test the functionality of the Current mode  modulator. Only the Second order  block 
of figure 4.13 is implemented mathematically, the Digital Error Correction block remains in SFG 
form for all the levels of abstraction. Figure 4.15 shows the mathematical model of Second order 
 block of Current mode  modulator. In case of mathematical modeling the signals are 

processed  sample  by  sample.  Each  sample  is  represented  by  index  number i . Iout1i  ,
Iout2i and out i  are the output's of Integrator1 , Integrator2 and MSB output bit which 

are initially assigned to zero. i1i  , i2i are the first and the second loops error samples. When 
i=1 , during the processing of the first sample Iin 1=Iout11 and Iout21=Iout11 .

Figure 4.15: Mathematical model of second order  block

4.4.1 Mathematical code for Second order  Block

The difference amplifier of the first loop is,
i1i =Iini−out i−1 (4.32)

where out i−1 indicates the previous sample.
The difference amplifier of second loop is,

i2 i= Iout1 i−out i−1 (4.33)
Integrator1 is modeled as,

Iout1 i =Iout1 i−1i1 i (4.34)
Integrator2 is modeled as,

Iout2i =Iout 2i−1i2i−1 (4.35)
Quantizer is modeled as a 4-bit ADC with sixteen qunatization levels each comparing the reference 
signals and produces the corresponding 4-bit binary output. y ' i is the ADC output since only 
MSB  as  to  be  feedback ym is  used  to  represent  the  MSB  bit.  Remaining  LSB  bits y l is 
processed  through the  Digital  Error  Correction  block  which  is  implemented  as  an SFG model 
shown in figure 4.13. The DAC in the feedback loop is modeled in such a way that when MSB bit is 
1 then it outputs positive reference current (say 100u ) else a negative reference current (say -100u). 
After modeling Current mode  modulator mathematically, it is simulated with a sin signal of 
20 MHz, sampling frequency 2.56GHz, OSR = 64,  ,  to be 0.125 & 2 and the results are 
formulated below.
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Figure 4.16: Output spectrum of mathematical model

Current Mode  Modulator – Math model

SNR  68.5666 dB

SNDR  62.6113 dB

SFDR  74.2442 dB

 
Table 4.8: Performance metrics of mathematical model
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4.5 Verilog A Model

This  section explains  the implementation of  Current  mode  modulator  in  verilog A using 
cadence 6.1.5 tool. The models described in sections 4.3.4 and 4.4 are ideal linear models. Since the 
transistor level implementation of the sub blocks are to be designed using cadence 6.1.5 tool, a 
proper choice of architecture for sub blocks is necessary. Thus the verilog A representation of the 
individual sub blocks are modeled according to their corresponding transistor level architectures. 
Since  the  signal  processing  of  Current  mode  modulator  is  in  current  domain,  both 

Integrator1 and Integrator2 are  implemented  using  the  Switched  Current  (SI)  technique. 
Current mode Flash architecture was chosen to implement 4-bit ADC and voltage to current DAC is 
used,as the output of 4-bit ADC will be in voltage levels (bits). After modeling the individual sub 
blocks in verilog A, they are integrated to test the functionality of the whole system. During this 
testing process the Digital Error Correction block remains as an ideal SFG model. In-order to get a 
basic idea on the Switched Current technique refer Chapter 3. The following section explains the 
modeling of individual sub blocks in verilog A.

4.5.1 SI Integrator 

The basic module of a the SI Integrator is a simple track and hold circuit. Figure 4.17 shows a track 
and hold circuit with its clock phase and symbol. Cgs is the parasitic capacitance between the gate 
and the source of the transistor T2. Transistor T1 and T2 forms a basic current mirror circuit. The 
dimensions of the transistors are kept identical.

Figure 4.17: Track and hold circuit with clock phase and symbol

When 1 = On, the switch between the transistors T1 and T2 closes thus the current In  charges 
the capacitor Cgs . At this point the gate voltage of the transistors T1 and T2 are the same thus 
input current In is copied to the output of the transistor T2. When 1 =Off, the switch acts as an 
open  circuit.  At  this  point  the  charge  across  the  capacitor Cgs is  frozen  due  to  high  input 
impedance of the transistor T2. As a result output current is held constant.
Figure 4.18 represents the behavioral model of SI Integrator. It consists of two simple track and 
hold circuits which are cascaded. Both the track and hold circuits are operated with non overlapping 
clocks clk , clkb . Both the track and hold circuit samples the data at rising edges. The sampled 
data  appears  at  the  output  of  both  track  and hold with 0.5 time unit  delay.  The  output  of  the 
integrator is again feedback to the input. A current duplicator is needed at the end of second track 
and hold to replicate the current to ADC. The transfer function of this loop filter is given by 

H  z=z−1/1−z−1 (4.36)
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Figure 4.18: Behavioral model of SI Integrator

4.5.2 Current mode DAC

The DAC is present at the feedback path of the first order  . The input to the DAC is voltage 
signal usually 0 or 1. The DAC is modeled similar to the schematic of figure 4.19. When the input 
to the DAC is 0V then the current output is Iref otherwise output current will be −Iref . The 
DAC acts as voltage to current converter since the input to SI Integrator is the sum of the input 
current and current from the feedback loop. Operation of the DAC is more or less same as that of 
the ideal inverter.

Figure 4.19: 1-bit DAC

4.5.3 Current mode Flash ADC

Since  the  speed  is  one  of  the  major  requirements  of  Current  mode  modulator,  flash 
architecture is chosen to implement ADC sub block. Flash converter's are extremely fast, straight 
forward and simple to design, further the signal processing is in current domain therefore no need 
for  linear  resistive  ladders  and  linear  capacitor's.  However  flash  converter's  requires 2n−1
comparator circuitry for n-bit conversion adding to this size and cost of these comparator make it 
impratical to use it in today's design environment. The Current mode Flash ADC proposed in this 
thesis work has a resolution of 4-bits with a sampling frequency of 2.56 GHz. Thus it is fairly good 
to go for flash implementation by exploiting its advantages. The Current mode Flash ADC consists 
of three major blocks namely current splitter, comparator and thermometer to binary decoder block. 
Here the major challenge are design of current splitter module which uses the mirroring operation to 
achieve its  functionality.  The mismatches  in the current  splitter  module can easily  degrade the 
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accuracy of the ADC. The architecture of Current mode Flash ADC and its working principle are 
clearly explained in chapter 7, section 7.3. Figure 7.3 shows the general architecture of Current 
mode Flash ADC. The verliog A model of the Current mode Flash ADC is implemented in same 
way as in figure 7.4.

4.5.4 Simulation Results

Figure 4.20 shows verilog A modeling of the second order  block of Current mode 
modulator.  Initially,  Second order  block is  tested with a  sin  signal  of  20MHz,  sampling 
frequency 2.56 GHz, OSR=64,  ,  to be 0.125 and 2 in cadence 6.1.5. The output bits of the 
sub block ADC collected using a file reader are processed and given as input to the Digital Error 
Correction block which remains as an SFG model in matlab (refer figure 4.13). After processing the 
output bits of sub block ADC through Digital Error Correction block, the collected samples are used 
to plot the FFT spectrum and calculate the performance metrics of Current mode  modulator 
modeling in verilog A. 

Figure 4.20: Verilog A model of second order  block

The following figure and table  shows the output  spectrum and the performance metrics of  the 
Current mode  modulator.

Figure 4.21: Output spectrum of verilog A model
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Current Mode  Modulator – Verilog A model

SNR  68.5666 dB

SNDR  62.6113 dB

SFDR  74.2442 dB

Table 4.9 Performance metrics of verilog A model

4.6 Conclusion

Need for Leslie-Singh architecture is explained clearly and the transfer functions of the individual 
blocks of the design are calculated mathematically. Three high level models of the Current mode 
 modulator are designed and discussed in this chapter and their corresponding performance 

metrics are calculated individually for each model. It is seen from all the three models that the 
Current mode  modulator functions in same manner as discussed in the literature.
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5 Mismatch Analysis

5.1 Introduction

Analog VLSI circuits can be designed effectively with less power and chip area with respect to the 
digital  ones but their  performance are limited due to the various factors like mismatch,  charge 
leakage, nonlinear effects etc. Mismatch errors posses a major threat to analog signal processing 
especially to the analog system designs like ADC, DAC, current sources etc. It is accepted widely 
that  mismatch  paved  the  way  to  the  precision  of  analog  IC  design.  Mismatch  is  defined  as 
differential performance of two or more identical devices fabricated in a single chip. The mismatch 
is a limiting factor in current mode  converters. Though the system is designed efficiently, 
mismatching  of  the  MOS  transistors,  capacitors,  current  sources  etc  will  directly  affect  the 
performance metrics of the system. Thus it is wise to model the mismatches at the system level and 
to study their effects on the system performance before entering into the schematics of the design. 
The SI Integrator and the Current mode Flash ADC are the important modules of the Current mode 
 modulator. These modules are designed with a current copier track and hold circuits. These 

current copier circuits are mostly built with MOS transistors and capacitors. The major operation of 
the current copier circuits is to copy the current from the source to the destination transistor without 
errors. But practically this is not achievable due to the occurrence of mismatches which displays 
different electrical behavior between identical MOS-transistors. The major cause for this difference 
is due to the non uniformity of process parameters across the wafer. Due to this non uniformity, 
MOS-transistors operating point and its circuit characteristic differs from the desired value. This 
chapter gives an overview on MOS transistor mismatch modeling and their limitations.

5.2 Matching Properties of MOS-transistors

Mismatch refers to the random changes in the parameters of identically designed devices which are 
time independent. Variation in line width and fluctuations are the major causes of mismatch [1],[2],
[3]. Generally the mismatch effects are classified into two types: systematic or local mismatch and 
stochastic or global mismatch.

Systematic mismatch is due to the non-uniform thermal distribution during the process fabrication 
and  also  unknown geometrical  orientation  of  the  transistors  on  a  die  during  the  design  phase. 
Though systematic errors are deterministic, unknown geometrical orientation of the transistors are 
modeled stochastically. With good layout design techniques systematic mismatch can be reduced 
effectively. Best matching is achieved if two equally designed devices are kept as close as possible 
with their wider side in parallel.
 
Stochastic mismatch are due to the process variations caused by the fluctuations  in the dopant 
atoms, edge roughness, thickness of the gate oxide, mobility etc. Stochastic mismatch reduction 
depends on process the control and size of the transistors. Stochastic mismatch can be represented 
by standard deviations. Usually stochastic mismatch can be calculated in two ways: either by simple 
formulas  or  by  using  correlation  functions  and frequency  domain  analysis  with  spatial  spectra 
which is  a effective one.  Using simple formulas to calculate  the stochastic  mismatch won’t  be 
effective, as the size of the transistors and chip area are reducing every one and half year, thus new 
effects and more complex and accurate formulas are needed. As a result of stochastic mismatch four 
types of random errors can be found in MOS transistors: edge effect random errors(W/L), errors due 
surface state charge and ion implantation, errors due to the oxide effects, channel mobility errors. 
Since the mismatch is modeled in Current mode flash ADC is with respect to the transistor width, 
random errors due to edge effects(W/L) is of interest in this chapter.
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5.3 Edge effect Random errors

The drain current of n-channel MOS-transistors with width W and length L, operating in saturation 
region is given by simple square law relation

I D=1/2∗CoxW /LV GS−VT 
2  0V GS−V T V DS

     (5.1) 

where I D is the drain current,  is the charge mobility, Cox is the gate capacitance per square, 
V GS is the gate-source voltage, V TH is the threshold voltage. Channel length modulation  is 

assumed to be neglected. During the fabrication process the gate area of the MOS-transistors is 
determined by poly mask for the channel length and diffusion mask for the channel width. Thus 
there is a chance of random variations in the length and width which has to be analyzed effectively 
and independently.  Even if  two transistors are designed identical  their  random variations in the 
length and width due to the process fabrication causes them to function in a differential manner 
thereby hindering the transistors operating point. 

5.3.1 Random Length variations

By considering the variations only due to the random length L [2], MOS-transistors can be seen as a 
combination of many differential width strip transistors kept in parallel with the widths equal to 

dW and with different length Ll  z  as in figure 5.1.

Figure 5.1: Random length variations

l  z  assumed  to  be  a  zero  mean  stationary  random process  representing  the  random length 
variations and the relative current error for both the local and global variations given by 

 I / I D=1/LBgLBl L/W (5.2) 

BgL=gl
2 and  gl is a standard deviation of L due to the global variations. B l L=2del L

2

where l L & de is standard deviation and correlation radius of the local length variations. Thus 
from equation 5.2 it is clear that the variations in length L depends on the width W of transistor.

5.3.2 Random Width variations

By considering the random variations due to the channel width W [2], MOS-transistors can be 
seen as a combination of many differential wide strip transistors kept in series with equal lengths 

dL and with slightly varied width Ww y  as in figure 5.2.

Drain Source

dz=dW

Ll  z

W
V d

V gI d
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Figure 5.2: Random width variations

w  y   assumed to be a zero mean stationary random process representing the random width 
variations and the relative current error for both the local and global variations given by 

 I / I D=1/W BgWBl W /L (5.3)

BgW= gW
2 and  gW is  a  standard  deviation  of W due  to  the  global  variations  and 

B l L=2d el W
2 is standard deviation due to the local variations. Thus from equation 5.3 it is clear 

that the variations in width W depends directly on length L of the transistor.

5.3.3 Random length and width variations

In this case both the length L and width W [2] are varying randomly then the relative current 
error is given by

 I / I D=BgW /W
2BgL/L

2Bl W /WB l L /L.1/LW    (5.4)

Equation 5.4 shows that for the current I D , the current error can be reduced (or better matching 
can be achieved) by increasing the transistor size (LW).

5.4 MOS-transistors parameters(P)

MOS-transistors mismatch is due to the stochastic nature of the fabrication process which results in 
the random variations in parameters of equally designed devices. Parameters are classified into two 
types for MOS-transistors they are process and electrical parameters. Below shows a list of process 
and electrical parameters in MOS-transistors

Process Parameters Electrical Parameters

Mobility Input voltage

Short channel effects Transconductance 

Gate oxide thickness Output conductance

Drain/source sheet resistance Drain current

Length and Width offsets
Table 5.1: Process and electrical parameters

Process parameters are independent and their  random variation can directly affect  the electrical 
properties of the MOS-transistors.

5.5 Analysis of Parameter(P) 

Pelgrom [3] in 1986 proposed a mathematical model in the frequency domain which explains the 
local  variations  characterized by the spatial  white  noise or short  distance variations and global 
variations  of  the  process  parameters  characterized  by  the  spatial  frequency  which  is  inversely 

Drain Source
dy=dL

L

V d

V gI d

Ww y 
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proportional to the wafer diameter. The parameters of the MOS-transistors can be calculated by 
simple formulas and frequency domain analysis with spatial spectra.

5.5.1 Simple formulas 

The variance of the parameter difference 2P between two equally sized transistors is given 
by [5]


2
P=

Ap
WL

Sp2 D2
(5.5)

where Ap and Sp are area proportionality constants for parameter P . W and L  are the 
width and length of the transistor.

5.5.2 Frequency domain analysis with spatial spectra

Another  and more accurate  way of  calculating the variations  in  the  transistor  parameter  is  the 
frequency domain analysis [5] with spatial spectra. The parameter value (P) contains two parts, one 
is fixed and another one is the randomly varying part which results in the different values of P at 
different  coordinate  points  (x,y)  on  the  wafer.  Thus  the  value  of  the  transistor  parameter  P  is 
obtained by integrating the different coordinate points P(x,y). The parameter difference between 
two transistors with dimensions width W and length L and separated by distance D is given 
by

P=1/WL ∫
−L/2

L/2

∫
−W−D /2

−D /2

px , ydy dx− ∫
−L/2

L /2

∫
D /2

WD /2

p x , ydy dx  (5.6)

P=1/WL∫
−∞

∞

∫
−∞

∞

g x , y p x , ydy dx (5.7)

Integral px , y  in equation 5.6 is represented as a convolution of px , y  and gx , y  in 
equation 5.7. Using two dimensional fourier transform, mismatch part Px , y is separated 
from geometry part G x , y . Now by using Parseval's theorem, variance of parameter 
difference between two transistors is given by  

                        2P= ∫
y=−∞

y=−∞

∫
y=−∞

y=−∞

Px , y 
2Gx ,y 

2 d y dx (5.8)

The  advantage  of  calculating  the  parameters  using  the  frequency  domain  analysis  with  spatial 
spectra is its generality and can be utilized for both transistors and capacitors.

5.6 Current Mode Flash ADC Mismatch Modeling

The working principle of the Current mode Flash ADC is explained in chapter 7. This section is 
dedicated to the modeling of MOS-transistors mismatches in one of the sub blocks of Current mode
 modulator. The resolution of the flash ADC is 4-bits hence it has chain of 16 pmos and 

nmos mirrors. The number 16 represents the quantization levels of the ADC. A 16 bit thermometer 
code is generated by comparing the reference current from pmos mirror with the input current from 
nmos mirror with the help of an inverter.  Thus the obtained thermometer  code is  converted to 
binary to get the 4-bit output. Figure 5.3 represents the Schematic of Current mode Flash ADC with 
the mismatch factors. Verilog A model of figure 5.3 is designed in cadence and simulated to test the 
performance metrics of the system with mismatches. In this model mismatch is added only to the 
width of the pmos and nmos transistors while the length remains the same. Similarly size of the 
pmos mirrors are increased incrementally by a factor MP0 while the nmos mirror sizes MN 0  
are  kept  constant.  Mismatches  to  the  nmos  mirror  are  added  by  using  the  function 
($rdist_normal(seed,0,1)  which  generates  different  mismatch  values  each  time  the  function  is 
called.  For  example,  size  of  the  first  nmos  transistor  in  the  nmos  mirror  chain  will  be 
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MN omismatch[0] where mismatch[0] represents  the  random  mismatch  value  due  to 
($rdist_normal(  seed,0,1)  function  and  size  of  the  fifteenth  transistor  in  the  chain  will  be 

MN omismatch[15] . In this case pmos mirror sizes are not only incremented but also added 
with the summation of the mismatch factor. For example, the size of the first pmos transistor in the 
chain  will  be MP0mismatch[∑ xi] where  i=0,  representing  index  value.  Similarly  fifteenth 
transistor size will be 15MP0mismatch[∑ x i] where i will take limits from 0 to 15.

Figure 5.3: Schematic of current mode flash ADC with mismatch

5.6.1 Performance Characteristics

The performance metrics of the  converter is calculated by integrating the mismatch modeled 
flash ADC along with the other ideal verilog A blocks like the SI Integrator, 1-bit DAC etc. Below 
table shows the parameters assigned for the simulation 

Parameters Values

fs - Sampling frequency 2.56 GHz

fin – Input frequency 19.84 MHz

OSR – Over Sampling ratio 64

Amplitude 100u

M R – Input transistor width 135n

M a  - Reference transistor width 3* M R

MP0 - Width of 1st transistor in pmos chain 32u

No of simulations 100
  Table 5.2: Simulation parameters

V dd

M a

M b

M R
MN 0mismatch [15]

15MP0mismatch[∑ x i]
MP0mismatch[∑ x i ]

TC0 TC15

Iinput

Iref I0 I15

Referencecurrent

Input current

2n−1Current Comparators

MN0mismatch [0]

i=0 i=0

15
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In-order to study the performance metrics of the  converter under different random mismatch 
values, datas from 100 simulations is obtained. Effect of mismatch on the performance metrics 

Figure 5.4: Histogram of mismatch analysis

(SNDR)  is  plotted like a histogram where the x-axis represents SNDR values for 100 different 
simulations and y-axis represents the frequency of occurrence. After 100 simulations the mean and 
standard deviation are found to be 62.6224 and 0.2726.

5.7 Conclusion

The  different  kinds  of  fabrication  errors  and  the  various  methods  to  calculate  them has  been 
explained effectively in this chapter. Among various process variation errors, edge effect random 
error  has  been  chosen  and  analyzed  deeply.  The  sub  flash  ADC  of  the  Current  mode 
modulator has been modeled with mismatch due to the random width variation and its effect on the 
performance metrics of the whole design has been calculated before the design is sent to fabrication. 
In this way, it is possible to roughly calculate the effects of mismatch on the total system before 
hand.
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6 Choice of Integrator Architecture 

6.1 Introduction 

Various data sampling techniques were discussed in Chapter 4. In this project switched current data 
sampling technique is selected due to the various advantages of the switched current circuits like 
low impedance,  low parasitic  capacitance and efficient  operation at  low voltages.  Furthermore, 
there are four different types of switched current integrators which can be used for sigma delta 
modulation.  The  objective  of  this  integrator  is  to  sample  the  input  current  signal  of  20MHz 
bandwidth at the rate of 2.56G samples/second. The selection of the integrator is influenced by 
various parameters like mismatch error, settling errors, finite input and output conductance ratio, 
clock feed through and noise. 

Figure 6.1: Lossless SI integrator

The basic building block of the switched current integrator is the memory cell. It can be classified 
into two types: first generation and second generation memory cells depending on the data retrieval 
method.  Figure  6.1 represents  the  basic  loss  less  integrator.  The  switched current  integrator  is 
formed by cascading two switched current memory cells, the output of the second memory cell is 
the feed back to the input of the first memory cell. Each memory cell is fed with non overlapping 
clock signals. 

6.2 Basic operation of Switched current Integrator

The fundamental  to  SI  integrator  is  the  realization  of  discrete  time integrator  transfer  function 
Iout n/ Iinn=1/ 1−z−1

 . In 1990 Hughes et al [1], described the switched current integrator 
configuration which is shown in figure 6.1. The operation can be described by initially assuming 
the clock phase 1 has ended on (n-1)th  sampling instant  and the transistor M1 has captured 
current I1n−1 due to the mirroring action of the transistors M1 and M3 . The output current 
can  be  scaled  by  a  factor  which is  further  subtracted  from  I b to  produce  the  output  of 
integrator.

Iout n−1= I b− I1n−1 (6.1)
During the clock phase 2 , drain current of the transistor M1 is equal to I1n−1 subtracted 
from 2Ib and captured by transistor M 2 as I2n−1/2 .

1

2
1

2Ib  I b

In 1 I ou t

M1M2
M3

Cg sCgs

2
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I2n−1/2=2Ib−I 1n−1 (6.2)Now 
on the next clock phase 1 , new input current I in n and the reference current 2Ib are added 
together. This sum is subtracted from I2n−1/2 and stored on the transistor M 2 as 

I1n=I innI 1n−1 (6.3)
Due  to  the  mirroring  action  of  the  transistors M1 and M3 ,  a  scaled  version  of  the  current 

I1n is subtracted from the reference current  I b to become the new output current of the 
integrator.

I out n=[ I b− I 1n−1] I in n (6.4)
From the equation 6.1, I out n−1 can be substituted in the equation 6.4. We can represent the 
final output current as 

I out n=I out n−1− I in n (6.5)
Taking z-transform for the equation 6.5 results in the discrete time integrator transfer function

I out  z 

I in z
=

1
1−z−1


(6.6) 

The operating principle  for all  the switched current  integrator  remains the same except  for the 
architecture of the memory cell used in the integrator.

6.3 Classification of Switched current Integrator 

In general the switched current integrator is formed by cascading two memory cells,  where the 
output of the second memory cell is feed back to the input of the first memory cell. Depending on 
the type of memory cell, switched current integrators are classified into four major types excluding 
the first generation memory cell. The simple first generation memory cell is shown in figure 6.2 (a). 
In the first generation memory cell, the data is sampled in the transistor T1 and retrieved from the 
transistor T2 . The dimension of the transistor plays a vital role in their transfer function. Hence 
they are matching sensitive and acts similar to a current mirror when the switch is on.

Figure 6.2 (a) First generation memory cell (b) Second generation memory cell

Excluding the first generation memory cell based switched current integrator, it can be further 
classified as follows.

1. Second generation switched current integrator.
2. Cascode Switched current Integrator.
3. Regulated Cascode Switched current Integrator.
4.   Folded Cascode Switched current integrator.

1
T1 T2

In I o u t

1

T1 T2

In I o ut2
1 2 I o ut1

Cgs Cgs
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6.4 Second generation Switched current integrator

Major advantage of the second generation memory cell is, it can sample and retrieve the data from 
the same memory transistor and also from the other transistor. Hence they are less sensitive towards 
matching  compared  to  the  first  generation  memory  cell.  Figure  6.2  (b)  represents  the  second 
generation memory cell.  The output can be retrieved from either the sampling transistor T1 or 
from the copy transistor T2 . Figure 6.1 represents the basic loss less switched current integrator 
with second generation memory cell.  In  the second generation memory cell,  ideally  the output 
current should be equal to the input current delayed by half clock period [2]. 

I out n=Iinn−
1
2
 (6.7)

Unfortunately due the finite input-output conductance ratio, the output current is smaller than the 
ideal  output  current  value.  Assuming  the  input  transconductance  as gm and  output 
transconductance  to  be gds ,  the  finite  ratio  of  input-output  transconductance  introduces  a 
transmission error in the memory cell. If both the memory transistor and the copy transistor are of 
the same size, the output current can be represented as 

I out n=−1−2
gds

gm
iinn−1

2  (6.8)    

I out n≃
−iin n−1

2 
12

gds

gm

(6.9)

From the equation 6.9,  the influence of the finite  input-output  conductance ratio on the output 
current is concluded. If the ratio is infinite the output current will be equal to the input current 
delayed by half  clock cycle  as in equation 6.7.  Due to  this  reason second generation switched 
current integrator is not compatible for high speed and low power operation.

6.5 Cascode Switched current Integrator 

Cascode  structures  are  the  better  choice  for  high  speed applications.  Figure  6.3  represents  the 
cascode switched current memory cell. The cascode transistor decreases the output conductance by 
the gain of cascode transistor while the input conductance remains equal to transconductance of the 
memory transistor.
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Figure 6.3 Switched current memory cell with cascode 

In general, the gain of the cascode transistor is in the range 20-40 dB [2], hence the transmission 
error  is  substantially  reduced.  Furthermore,  the  switching  glitch  at  the  output  node  is  coupled 
directly coupled on the gate of cascode transistor rather than the memory transistor, which reduces 
the influence of the switching glitch. At high frequencies, due to the limited gain of the cascode 
transistor, variations will occur in the drain of the memory transistor which can be coupled on to the 
gate of the memory cell thereby introducing distortions. The local feed back formed by the cascode 
transistor, introduces an extra pole at the source of the cascode transistor. If the parasitic pole of the 
source transistor is  much higher than the dominant pole formed by the gate capacitance of the 
memory transistor,  single pole setting can be guaranteed [4].  This is  assured by increasing the 
transconductance of the cascode transistor  and reducing the parasitic capacitance at  the source. 
Increasing transconducatance  of  the cascode transistor  decreases  the  output  conductance  of  the 
memory cell and increases the parasitic pole frequency. Therefore by cascoding, both high speed 
and large input-output conductance ratio can be obtained.  However, when two cascode memory 
cells are cascaded, the potential at the output node of the first transistor which is set by the gate 
potential of the second cascode memory cell [2]. If large input currents are introduced, this may 
force  some the  transistors  in  the  first  memory  cell  out  of  the  saturation  region  increasing  the 
transmission errors. In addition to this problem, the switch on resistance is neglected in the above 
discussion. With large switch on resistance an extra pole is introduced. This destroys the possibility 
of high speed operation at low supply voltage.

6.6 Regulated Cascode Switched current Integrator

As discussed earlier the output conductance of the switched current memory cell can be reduced by 
the gain of cascode transistor without much speed penalty. Unfortunately, the gain of the cascode 
transistor  may not  suffice for  certain  applications.  Under  such circumstances regulated cascode 
memory  cell  can  be  used.  In  figure  6.4  regulated  cascode  memory  cell  is  shown.  The  only 
difference  between the  cascode  memory cell  and regulated  cascode  memory cell  is  the  use  of 
regulating transistor. The local feed back formed by the cascode transistor M2 and the regulating 
transistor M3 , reduces the output conductance by the product of gain of the transistor M2 and 
gain of transistor M3 .

1

Cgs

1I in

vbias

I out
2

M1

M2
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gout≃
gds1

A2⋅A3
(6.10)

gout=
gds1

gm2 / gds2 ⋅gm3 / gds3 
(6.11)

Figure 6.4 Regulated cascode switched current memory cell 

where gds1 , gds2 and gds3 is  the  output  conductance  of  the  memory  transistor,  cascode 
transistor  and  regulating  transistor  and gm2 , gm3 is  the  transconductance of  the  cascode  and 
regulating  transistor.  However,  due  to  the  extra  poles  introduced  in  the  feed  back  formed  by 
cascoding and regulating transistor, memory cell exhibits poor settling behavior. Therefore it is not 
suitable for high speed applications.

6.7 Folded cacode Switched current Integrator

The behavior of the folded cascode memory cell is very much similar to the behavior of cascode 
memory cell. Figure 6.5 represents the folded cascode memory cell. In the folded cascode memory 
cell, the cascode transistor has opposite polarity of the memory transistor and both the memory and 
cascode transistors needs bias currents. Due to the need of extra bias, folded casode memory cell 
exhibits increased power dissipation and noise. However, compared to the other memory cells it has 
less transmission error due to finite input-output conductance ratio.

M1

M2

M3

1I in

1

Cgs

I out
2



89 Chapter 6 Choice of Integrator Architecture 

Figure 6.5 Folded cascode switched current memory cell

The input conductance is equal to the transconductance of the memory transistor M1 is gds1 . 
Similar to the cascode memory cell the output conductance is decreased by the gain of the cascode 
transistor. 

Ac=
gmc

gdsc
(6.12)

gout≃
gds1

Ac

=
gds1

gmc /gdsc
(6.13)

where Ac is  the gain of the cascode transistor, gmc is the input conductance and gdsc is  the 
output transconductance of the cascode transistor. If the parasitic pole frequency at the source of the 
cascode transistor is very high monotonic settling is possible [3]. Unlike the cascode memory cell 
with large input currents, when two folded cascode memory cells are cascaded the first memory cell 
remains in the saturation region [4].
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6.7.1 Integrator operation 

The basic operating principle remains same for all the switched current integrators.  Folded cascode 
switched current integrator is formed by cascading two folded cascode memory cells, where the 
output  of  the  second  memory  cell  is  feed  back  to  the  input  of  first  memory  cell.  Figure  6.6 
represents single ended switched current folded cascode integrator.

Figure 6.6 Single ended switched current Folded cascode Integrator

Folded cascode switched current integrator with NMOS memory cell and PMOS cascode. in-order 
to minimize the power dissipation problems cascode stage is shared between two memory cells [5]. 
As discussed earlier  in section 6.2  two cascaded memory cell  realizes discrete time integrator 

I out n=I inn/ 1−z−1
 .   Performance of single ended switched current integrator is  inferior to 

the performance of fully differential integrator due to the presence of even order harmonics and 
high clock feed through errors due to charge injections. 

6.7.2 Fully differential Switched current Integrator

Obvious  choice  to  achieve  good  analogue  performance  is  by  using  the  fully  differential 
architectures. The major benefit of the fully differential architectures is the cancellation of the even 
order harmonics, reduced cross talk with neighboring digital circuit through the common mode and 
power  supply  rejection,  and  reduced  charge  injection  errors.  Basic  the  fully  differential  folded 
casode switched current integrator (without common mode feed back circuit) is shown in the figure 
6.7. The input signal is represented by the balanced pair of the input currents iInP and iInN and 
the output currents are represented by another balanced pair 
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Figure 6.7 Fully differential folded cascode switched current integrator

iOutP and iOutN . At 1 both the memory transistors M1 and M 4 are diode connected. On 
2 these input currents which is copied in the transistors M1 and M 4 are sustained by gate to 

source capacitors of the memory transistors and produces the output currents. It can be viewed as 
two folded cascode opamps sharing a folded cascode output branch during two clock phases [5]. 
The gate to source capacitance added to the each memory cell reduces the common mode clock 
feed-through/ charge injection effects and optimizes the closed loop settling time [6]. Furthermore, 
a  common mode feed back circuit  (not shown in figure )  provides the over all  common mode 
stability. This topology increases the common mode rejection ratio and power supply rejection ratio 
with a moderate penalty of a common mode feed back circuit. 

6.7.3 Simulation result 

In general the first step to characterize the switched current integrator is to compute the periodic 
operating point [7]. This is done by periodic steady state analysis (PSS). The PSS analysis computes 
the periodic operating point which is subsequently used in the small signal analysis. It is specified 
with two parameters: clock period and the maximum frequency to be used in subsequent small 
signal analysis. This analysis chooses the perfect time step assuring accurate small signal analysis. 
in-order to measure the small signal gain we can use PAC analysis, which performs small-signal 
analysis about a periodically-varying operating. In AC analysis, the clock is effectively disabled and 
it assumes time-invariant operating point.

In this project nmos is used as the memory transistor, alternatively pmos can also be used as the 
memory transistor.  The fully differential  folded cascode switched current integrator is  designed 
using 65nm CMOS technology. This integrator is operated at 2.56GHz clock frequency for 20MHz 
input signal collecting 128 samples for one input cycle. The AC response of the integrator is shown 
in figure 6.8. 
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Figure 6.8: AC response of fully differential folded cascode switched current integrator

6.8 Conclusion

The various  switched current  integrator  architectures  has  been discussed in  detail.  To be  more 
specific, folded cascode switched current integrator has been chosen as best choice for this thesis 
work since it can operate in low power, high speed with minimum number of devices and also 
monotonic  settling  is  possible.  Both  single  ended and  differential  design  has  been  modeled  in 
Cadence 6.1.5 and their functionality is verified based on mathematics.
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 7 Current mode Flash ADC

7.1 Introduction

In  modulator, the integrator (or) loop filter plays a vital role. The switched current circuit 
designs have low impedance and parasitic capacitance when compared to the switched capacitor 
design.  It can be efficiently operated at low supply voltages. Supply voltage does not limit the 
signal range since the signal carriers are current. Among different data sampling techniques the 
switched current design is better choice for designing integrator (or) loop filter in-order to reach 
high speed with a low voltage supply. The output of the loop filter is in current form hence a current 
mode quantizer (ADC) is used to convert the signal.
The scaling of MOS-transistors with respect to the supply voltage has affected the operating speed 
of the ADC circuits. As a result, design of high speed, low power ADC has become the need of 
hour. Different design techniques has been implemented in-order to obtain high speed ADC. This 
chapter  explains  the  design  of  High Speed Flash  ADC in  current  mode.  Current  mode  circuit 
technique offers various advantages over the voltage mode circuits. The first and primary advantage 
is that the signals are processed in the current domain. Current mode circuits are less affected by 
power  supply  and ground noise.  The  use  of  voltage  gain  amplifiers  and  passive  elements  like 
resistors or capacitors with high precision are not required. Current mode techniques offers circuit 
operation  at  higher  speed  and can  be  easily  implemented  in  today's  CMOS process.  Thus  the 
advantages of the current mode techniques has lead to the design of Flash ADC in current mode. 
One of the fundamental functions of the Flash ADC is that, it has to copy input current 2n

−1
times where n represents the no of bits or resolution of the ADC and compare the input currents 
with the reference currents with help of a current comparator. Major drawback of this technique and 
current mode circuits is that, the current copying circuits sizes increases with the ADC resolution. 
The following sections explains the basic current mirroring or splitting techniques [2],[3] required 
to build the Current mode Flash ADC.

7.2 Basics of Current Splitting Techniques

The main obstacle in designing the Current mode Flash ADC is that, the input signal which has to 
be digitized should be replicated 2n

−1 times in-order to get compared with the reference currents 
[2]. Voltage mode Flash ADC doesn't suffer from this kind of drawback due to the inherent nature 
of  the voltage signals. Current splitting mechanism can be obtained in different ways like using 
multi  output  current  mirrors.  But  this  technique  posses  serious  limitations  on  the  input  signal 
bandwidth. Another approach is the serial routing of the input signal through the comparator bank, 
such that each comparator can compare the input signal to the corresponding reference current. But 
this approach becomes less attractive due to the propagation delay and the voltage drop through the 
upcoming comparator stages and also serial routing of input current makes the design no longer a 
parallel approach. Thus due to the above limitations the proposed parallel current splitting technique 
in this chapter will  be a good choice for higher input signal bandwidths.  Figure 7.1 shows the 
current splitter model used in the Current mode Flash ADC. Generation of the reference current and 
input current are also shown in figure 7.1.
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Figure 7.1: Parallel current splitter 

The current splitting technique for the Current mode Flash ADC is accomplished by using the basic 
CMOS current mirrors. Since the resolution of this Current mode Flash ADC is 4-bits, it requires 
2^4=16 current splitters. The input current is copied to the 16 splitters using the nmos transistors 

MN 0 - MN 15 . All these transistors are sized identically such that the transistors carry equal 
current. Similarly reference current is copied to 16 splitters using the pmos current mirrors MP0 - 

MP15 but their sizes are incremented as the mirror chain grows. Since the sizes of pmos mirror 
chains are incremented the current flowing into the 15th pmos mirror chain MP15 will  be 15 
times larger than the first pmos mirror chain MP0 . The limitations of this splitting technique is 
that,  since  it  uses  basic  CMOS mirrors  the  circuit  is  sensitive  to  the  drain  to  source  voltage 
variations thereby introducing the channel length modulation effect. For example in figure 7.1, the 
drain voltage of the transistor M R and MN 0 won't be same [3]. As a result current copied from 
the transistor M R to MN 0 will differ by small amount. This effect will be replicated in the pmos 
mirror  chains also.  In-order  to  reduce this  effect,  cascode current  mirrors  can be used through 
thereby controlling the drain to source voltage variations of the mirroring transistors. Figure 7.1 
shows  the  parallel  current  splitter  using  the  pmos  cascode  transistors  named MPC1−MPC15 . 
Using the cascode technique, the drain to source voltage variations of the transistors MP0−MP15

can be controlled effectively by varying the bias voltage of the pmos cascode transistors. Thus it is 
possible  to  copy  and  increment  the  currents  effectively  through  the  16  pmos  splitters.  The 
advantage of using the cascode technique to implement the current splitters comes at the cost of 
additional voltage head-groom and increased number of devices. Using this technique it is possible 
to control the error only to a certain amount. To further optimize the design, it is advised to go for 
the wide swing current mirror technique. The Current mode Flash ADC explained in this chapter is 
implemented with the parallel current splitter of figure 7.2.
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Figure 7.2: Parallel current splitter implemented with cascodes

7.3 Architecture of Current-mode flash ADC

Current mirroring and comparison are the primary functions of the Current-mode Flash ADC. The 
ADC is designed to operate at a high speed by exploiting the advantages of the current (splitting) 
mirroring and the comparison techniques. The major building blocks of the Current mode Flash 
ADC  are  the  current  splitter,  comparator  and  a  thermometer  to  binary  decoder  (TC  to  BC 
converter).
Figure 7.3 shows the general block diagram of the Current mode Flash ADC [1]. The reference 
current and the input current is compared by the current comparator.  The input current Iin is 
biased with a constant dc current Idc to maintain the required input signal bandwidth. The output 
of the current comparator is represented as thermometer codes which is then converted into binary 
codes with the help of TC to BC converter. The input current block generates the current which is 
the sum of the current signal Iin that has to be converted to digital codes. The current comparator 
block consists of 2n−1 comparators along with pmos and nmos current mirrors. 

Figure 7.3: General Block diagram of current-mode flash ADC
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Figure 7.4 shows the schematic of the single ended Current mode Flash ADC. The reference current 
has to be copied to 2n−1 pmos current mirrors with a progressive increase in currents which can 
be achieved by increasing the width of the pmos transistors MP0−MP15 incrementally and also 
the sizes of the pmos cascode transistors MPC1−MPC15 are increased in the same way. Similarly 
the input current has to be copied to 2n−1 nmos transistors and the width of these transistors are 
kept identical such that the current flowing through these transistors are the same. The pmos and 
nmos mirroring circuits are shown in figure 7.4. The sizing constraints of the pmos transistors are as 
follows

W MP0=W (7.1)
The size of 1st pmos mirror and the sizing factor W are kept identical. The sizes of 2nd to 

15th pmos mirrors are increased by increasing the sizing factor incrementally.
W MP1=W MP0W (7.2)    
W MP15=W MP015 .W   (7.3) 

The  difference  in  the  current  between any two pmos mirroring branches  is  given  by  I [1]. 
Increasing the factor  I results in a better signal to noise ratio but on the contrary the width of 
the transistors increases. 

Figure 7.4: Schematic of single ended current mode flash ADC

The inverters of figure 7.4 represents the current comparator [1] and its schematic is shown figure 
7.5.  The  function  of  the  current  comparator  is  to  compare  the I ref and I input currents  of  the 
respective pmos and nmos mirroring circuits. When the I input is greater than or equal to the I ref

then then the input terminal of the inverter V a is low as a result the pmos transistor turns on and 
output will be at logic high. Similarly when the I input is smaller than the Iref the input voltage 

V a is high thereby turning the nmos transistor on thus all the charges at the output are pulled to 
the ground and the output of inverter will be at logic low. Since the inverter input is current and 
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output is in voltage it acts as a current to voltage converter. The primary advantage of this inverter 
is that it filters the power supply and the ground noise and makes sure that there is no dc offset 
inside the comparator circuit. The output signals of the inverter are called thermometer codes and 
these codes has to be converted into equivalent binary codes. This is accomplished with the help of 
a TC to BC converter of figure 7.3. The primary function of this converter is to add the ones of the 
current comparators output and convert its decimal value into an equivalent binary form. It is worth 
noting that the input to flash ADC is current and its output is voltage pulses.

Figure 7.5: Schematic of current comparator

7.3.1 Simulation Result – Single Ended ADC

The single ended ADC shown in figure 7.4 is implemented in the cadence environment with a ramp 
( 0−200 ) as input and 12.5 reference current. Figure 7.6 shows the simulation result with 
the staircase of 16 levels for a 4-bit resolution.

Figure 7.6: Transient analysis of single ended ADC
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7.4 Differential Design of Current Mode Flash ADC

Initially each of the sub blocks of the Current mode  modulator are implemented in a single 
ended manner to check its functionality. Usually the differential structures has many advantages 
when compared to the single ended ones. The most noted advantage is the elimination of the even 
order harmonics which increases the linearity of the circuitry. Thus the sub blocks of the Current 
mode  modulator are designed in a differential manner by exploiting the differential design 
advantages. Two types of differential structures are implemented namely,
a. Differential ADC design using two single ended ADC – This design consists of two identical 
single ended ADC driven by a common reference current block. The comparator present in this 
ADC is  a  simple  inverter  as  shown in  figure  7.5.  Better  linearity  and good symmetry  can  be 
achieved using this design.
b. Differential ADC design using a Preamplifier based Latched Comparator – This design consists 
differential current splitter modules driven by a common preamplifier based latched comparator. 
The architecture is clearly explained in the section 7.6. The design is simulated in Cadence 6.1.5 
environment and from the simulation result it is inferred that the circuitry requires further tuning as 
the differential outputs are not symmetrical. The issues with this circuitry are explained in Chapter 
9, Future work and Conclusion.

7.5 Differential ADC using two Single Ended ADC

Figure  7.7  shows  the  block  level  description  of  the  Current  mode  Flash  ADC  implemented 
differentially. The only difference between the figure 7.7 and the figure 7.3 is that, the circuit is 
differential with two single ended ADC and the differential signals Iinp and Iinn are applied to 
the design (figure 7.7). The reference current remains the same for both the single ended ADC.

Figure 7.7: Differential ADC with two single ended ADC
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7.5.1 Simulation Result 

The differential Current mode Flash ADC of figure 7.7 is designed using Cadence 6.1.5 and is 
simulated with the differential inputs Iinp , Iinn . Figure 7.8 shows the simulation result of the 
differential ADC. The result shows that both the ADC p and ADCn are symmetrical with good 
linearity.

Figure 7.8: Transient analysis of differential ADC with two single ended ADC 

7.6 Differential ADC using Preamplifier based Latched Comparator

Figure  7.9  shows  the  differential  implementation  of  the  Current  mode  Flash  ADC  using 
preamplifier based latched comparator. The design of figure 7.9 can be divided into three blocks: 
differential current pair block, preamplifier based latched comparator block, thermometer to binary 
decoder block.
Differential current pair block (or) input block of ADC is implemented with a differential current 
splitter module, one for positive input current Iinp with 0. phase shift and another for negative 
input current Iinn with 180· phase shift. The current splitter implementation are explained in the 
section 7.2. Differential output voltages V 0p−V 15p and V 0n−V 15n generated by this differential 
current pair block is sensed by the preamplifier based latched comparator and the output of the 
comparator is decoded to equivalent binary value using thermometer to binary decoder. Basics of 
the  comparator  design  and  motivation  to  go  for  the  preamplifier  based  latched  comparator  is 
explained in section 7.7 & 7.8.

7.7 Basic Comparator design

The comparator or 1-bit analog to digital converter is used to detect a digital equivalent of analog 
signal.  It  is  the second widely used component  in electronic  design.  Its  primary function is  to 
compare an input signal with the reference and produce a binary output based on the comparison. In 
simple cases it is used to check whether a signal is greater or smaller than zero (reference point) 
[11]. The comparators are one of the important components of any ADC and they are also used in 
the detection purpose of low swing and high speed digital bus. The main design constraints for 
today's  comparator are high speed,  full  output  swing,  low power consumption,  high resolution, 
linearity,  small  area etc.  The single  ended Current  mode Flash ADC uses  a  simple inverter  as 
comparator which operates in the absence of the clock signal.
In  the differential  design of  the Current  mode Flash ADC, it  is  required to  have a differential 
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voltage comparator to sense the voltage levels from the ADC input block (refer figure 7.9) which is 
designed with a differential current pair (Differential Splitters) circuitry. Since the  modulator 
proposed in this thesis work operates at a maximum clock rate of 2.56 GHz, it is necessary to design 
a  high speed fully  differential  voltage comparator.  From the literature,  voltage comparators are 
classified  into  three  categories  [12],  they  are  open  loop  comparators  (op-amps  without 
compensation),  regenerative  comparators  (uses  a  positive  feedback  like  latch  to  compare  the 
signals), high speed comparators (combinations of the above two, have faster response time).
The  open  loop  or  the  continuous  time  comparators  are  usually  op-amps  without  frequency 
compensation to achieve a larger bandwidth. The absence of frequency compensation won't affect 
the comparator performance since precise linearity and gain constraints are of no interest in this 
design. But open loop comparators are not suitable for high speed operation as their gain bandwidth 
product is limited. The above limitation can be controlled by cascading the amplifiers at the cost of 
area and power. The high speed comparators consists of an amplifier stage with a regenerative latch 
followed by a buffer or SR latch. These comparators can be operated at high speed further non-
idealities like the input referred latch offset voltage, kick back noise and metastability errors can be 
considerably reduced.  Thus the differential Current mode Flash ADC explained in this section is 
designed by exploiting the advantages of the high speed comparators. 
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Figure 7.9: Differential ADC using preamplifier based latched comparator
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7.7.1 Definition,Static and Dynamic Characteristics of Comparator

Definition

Figure 7.10 shows the circuit symbol of a basic comparator with Vpos and Vneg as the input 
ports and Vout as an output port. As already mentioned a comparator compares an analog signal 
with a reference signal or another analog signal and outputs a binary value (logic high or logic low) 
based on the comparison. An inverter can act as a 1-bit ADC or a voltage comparator. In this case 
any analog or pulse signal can be given as input to the inverter while the threshold voltages of the 
nmos and pmos transistors acts as a reference or trigger point.

Figure 7.10: Comparator circuit symbol

Figure 7.11 shows the ideal transfer curve of a comparator. V OH , V OL are the output voltage 
levels of the comparator. When Vpos−Vneg0 then the comparator outputs V OH or (logic high 
= Vdd )  else  it  outputs V OL or  (logic  low= GND ).  Open  loop  op-amp  with  its  inverting 
terminal  grounded  can  act  as  comparator  by  ignoring  its  slow  response  time.  For  an  ideal 
comparator,  gain is  infinite with zero offset  voltage and RMS noise.  But in practical  cases the 
comparator will have finite gain with offset voltage and RMS noise due to transition region between 
the output logic levels and along with mismatch errors.

Figure 7.11: Ideal voltage transfer curve
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Static Characteristics

a. Gain
The gain of the ideal comparator is infinite and given by the relation,

Av= lim V 0VOH−VOL /V (7.4)
where V is the input overdrive voltage Vpos−Vneg .
But in practical cases, comparator carries a finite gain. The voltage transfer curve is shown in figure 
7.12 and its relation is given by 

Av=V OH−V OL/V IH−V IL (7.5)
where V IH is the smallest input voltage level at  which the output voltage is at  logic high and 

V IL is the largest input voltage at which the output voltage is at logic low.

Figure 7.12: Practical voltage transfer curve with finite gain effect

b. Offset Voltage and RMS Noise 
The offset  voltage is  a voltage range also referred to as error band upto which the comparator 
functionality is affected (unable to detect the voltage difference). The offset voltage is generated 
due to mismatches in the threshold voltage and transconductance parameter of the transistors. They 
are generalized into two types namely as systematic and random offset errors. 
Noise is referred to as anything except the signal which leads to uncertanity in the transition region 
which causes the jitter. Figure 7.13 shows the voltage transfer curve of a comparator with an offset 
voltage V offset , RMS noise, finite gain and transition uncertanity of a practical comparator.

 Figure 7.13: Practical voltage transfer curve with offset voltage and RMS Noise
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c. Resolution – The detection of minimum voltage difference or change in the input voltage level 
by an comparator to produce the corresponding output.
d.  Input  Offset  Voltage –  The  nominal  voltage  applied  at  the  input  terminals  to  balance  the 
comparator
e. Output Offset Voltage - It is a constant dc voltage available at the comparator output terminal, 
when no input is applied.

Dynamic Characteristics

a. Propagation Delay( t p )
Time taken by the comparator to respond to its input. The speed at which the comparator operates 
can be determined by the propagation delay time [4]. Figure 7.14 shows the propagation delay 
characteristic of a comparator whose t p is given by the following relation

Propagation Delay t p=Rising propagation delay timeFalling propagation delay time /2

(7.6)

Figure 7.14: Propagation delay

b. Slew Rate (SR) 
Slew rate (SR) is defined as the maximum rate of change of output voltage with respect to time [10] 
and is given by 

SR=max ∣dVout t /dt∣ (7.7)
where Vout t  is the comparators output as a function of time t .
For a single pole system, the transfer function is given by

Av s=Av 0/ s1 (7.8)
where Av0 is dc gain, 
          =1 /3dB , 3dB is the -3dB frequency of comparator.
The step response of the single pole system is given by following relation

Vout t =Av0[1−exp−t /]Vinmin  (7.9)
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where Vinmin  is the magnitude of the step input
                                                       at t=t p , Vout=V OH−V OL/2 (7.10)
Thus by applying Vinmin , t p= ln 2=0.693
From  above  equation,  it  is  clear  that,  as  the  overdrive  input  voltage Vin=Vpos−Vneg of 
comparator increases, its propagation time decreases.
At high overdrive voltage the comparator operates in large signal mode. In such cases the slew rate 
is defined by 

I=CdV /dt  (7.11)
where I is the current through the capacitor and V is the voltage across it. From above relation 
the current  is  directly  proportional  to  the voltage,  as  current  is  limited the voltage rate  is  also 
limited. Thus for a comparator that is slew rate limited, its propagation delay is given by,

t p=V OH−V OL/2 SR (7.12)

7.8 High Speed Comparator

High Speed Comparator  are  the  combinations  of  both  open loop and regenerative  comparator. 
Comparator of these types consists of preamplifier stage followed by track & latch stage. Figure 
7.15 shows a block level description of the high speed comparator also called as latched comparator 
along with the typical schematic implementation of track & latch stage.

7.8.1 Function of High Speed Comparator[12]

The high speed comparator used in the recent times usually consists of one or two stages of pre-
amplification. The main advantage of using a preamp is to reduce the effects of the kickback [14] 
and to increase the resolution. Even though the preamp amplifies the input signal to the comparator, 
still the input signal levels fed to the comparator are smaller to drive the track & latch stage. The 
track & latch stage operates in two phases namely, track phase and latch phase. Thus the input 
signal to track & latch stage is further amplified during the track phase, this amplification continues 
in latch stage too with the help of positive feedback mechanism during this phase. The positive 
feedback mechanism can be accomplished using two inverters connected back to back as shown in 
figure 7.15 Schematic of track & latch stage. The advantage of using a positive feedback is that it 
has fast response time and ability to regenerate the analog input signal to a full swing digital signal. 
The track and latch stage has the ability to achieve good resolution by reducing the gain stages of 
the preamplifier. Typical preamplifier gain is around 4 to 10, even in some cases gain can be unity 
(unity gain buffer) were high speed but moderate resolution is required. Preamplifier with a gain 
more  than  10  will  slow  down  the  speed  of  comparator  as  the  time  constant  becomes  larger. 
Designing a latched comparator without a preamplifier  will  result  in kickback in the preceding 
stages of the comparator thereby limiting the comparator accuracy.  Kickback is one of the non 
idealities of high speed comparator. It is defined as the charge that is transferred into or out of the 
inputs when track & latch stage has a transition from track mode to latch mode. Kickback's effect is 
high  in  cases  were  impedance  looking  at  the  input  of  comparator  are  not  the  same  thereby 
producing huge glitches.
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Figure 7.15: High speed comparator

Capacitive coupling and having reset  switches are the other techniques used in high resolution 
comparator design to eliminate the non idealities like the input referred offset voltage and clock 
feedthrough errors. One of the important non ideal behavior that has to be taken into account is 
Hysteresis  which  is  defined  as  the  comparator  tendency  to  toggle  and  stay  constantly  in  one 
direction. To avoid hysteresis one has to reset the different phases before the comparator enters into 
track mode which can be achieved by resetting the internal nodes of the latch to V dd and gnd as 
shown  in  figure  7.15  Schematic  of  track  &  latch  stage.  Another  way  to  avoid  hysteresis  is 
connecting the differential nodes together using switches. In this way, it is possible to avoid the 
memory transfer from one decision phase to other. Finally a SR flip flop is used to hold the output 
data during the reset phase of the track & latch stage. There are many ways to implement the high 
speed comparator, figure 7.14 is shown to understand the functionality of high speed comparator. 
The following section shows the derivation of time constant of latch during the track & latch phase.
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7.8.2 Time Constant at Latch phase

Time constant of the track & latch stage is formed by back to back inverters during latch phase were 
positive feedback mechanism [12] is enabled. Time constant can be calculated using simplified 
circuit shown in figure 7.16b.

Figure 7.16a: Positive feedback formed during latch phase

Figure 7.16b: Linear model of track & latch stage during latch phase

The inverters of figure 7.16a are modeled as voltage controlled current source with a RC load where 
Av representing the gain of each inverter and are assumed to have output voltages close to each 

other at the beginning of latch phase. From the small signal model of figure 7.16b,
Av /RV b=−CdVa /dt −Va /R                                        (7.13)
Av /RV a=−CdVb /dt −Vb /R                                        (7.14)

Multiplying above equations by R and further simplifying,
−Av Vb=dVa/dt Va  (7.15)
−Av Va=dVb/dt Vb  (7.16)

here RC= represents the time constant of the each inverter output node. On further subtracting 
7.15 & 7.16 and simplifying gives,

/ Av−1dV /dt =V  (7.17)
here V=Va−Vb represents the difference in voltage at inverters output node. Equation 7.17 is a 
differential equation of first order and its solution is,

V=V 0 eAv−1 t /  (7.18)
here V 0 is the initial voltage difference during the beginning of latch phase.
From 7.18 it is clear that voltage difference increases with time exponentially and is given by a time 
constant

b=/Av−1=RC /Av=C /Gm  (7.19)
where Gm=Av /R is transconductance of each inverter.
In MOS devices usually the load at the output is proportional to gate-source capacitance of a single 
transistor given by,

C=K1WLCox   (7.20)
where K 1 is the proportionality constant between 1 and 2.

R C

Av /RVa

RC

Av /RVa

VaVb

Inv

Inv
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Similarly  transconductance  of  inverter  is  proportional  to  the single  transistors  transconductance 
given by

Gm=K2 gm=K 2nCox W /L V eff (7.21)
K2 may be between 0.5 & 1.

Substituting 7.20 & 7.21 in 7.19 gives,
b=K1 L2

/K2nV eff=K3 L2
/nV eff  (7.22)

Thus equation 7.10 shows that b time constant depends mainly on the process technology and is 
useful in having rough idea about the maximum clock frequency of a latched comparator.

7.8.3 Metastability

Metastability  is  a  phenomenon  that  occurs  in  latch  circuits  having  two  stable  states V dd and
gnd where the latch requires certain indeterminate amount of time to produce valid logic levels at 

the output. Metastability usually occurs in systems were the data changes in random with respect to 
clock  frequency.  Metastable  state  occurs  in  between  two  stable  states.  During  this  state  the 
comparator decision making capability is affected, thereby its output is not in valid stable point. For 
example, if V logic is the necessary voltage difference required by the latch of figure 7.16a to 
recognize the stable output value, then the time that is required is given by using equation 7.6,

b=C /Gm ln V logic /V 0                                          (7.23)
using 7.22 in 7.23 ,

b=K3 L2
/nV eff  ln V logic /V 0 (7.24)

In  the  above  relation,  small V 0 will  increase  the  latch  time  which  may  be  larger  than  the 
allotted time of latch phase. This kind of behavior is referred to as Metastability.

7.9 Implementation of High Speed Comparator

The comparator architecture proposed in this thesis work is preamplifier based latched comparator.

7.9.1 Latched Comparator using Dynamic CMOS Latch

Before  going  into  the  preamplifier  based  latched  comparator  a  simple  latched  comparator  is 
implemented  using  dynamic  CMOS  latch  [10]  and  unity  gain  buffer(figure  7.17)  in-order  to 
understand the working principle of the high speed comparator. Initially the design is implemented 
without the unity gain buffer but the dynamic CMOS latch generated kickback of high magnitude. 
As  a  result  charges  were  leaked  into  the  preceding  circuitry  (differential  current  pair)  thereby 
affecting the output voltage levels V 0p , V 0n to V 15p , V 15n (refer figure 7.9). As a result the 
output voltage levels of the dynamic CMOS latch are incorrect. In-order to control this kick back 
effect, an ideal unity gain buffer was used to isolate the input of dynamic CMOS latch from the 
preceding circuitry. In figure 7.17 three switches are used with two pmos transistors named as (1 & 
2) connected at the input of the dynamic CMOS latch and one with nmos transistor (3) acting as a 
tail to the latch circuit. These switches are controlled by the clock signal (clk). When clk is low then 
switch 3 is off and switch 1 and switch 2 gets on thereby the latch senses the input signals from the 
unity  gain buffer.  At this  phase the differential  output  signals  of the latch tries to  follow their 
corresponding differential input signals from the unity gain buffer Vpos=Vop & Vneg=Von . 
When the clk goes high then tail nmos switch (3) turns on. At this point the output of the unity gain 
buffer is isolated from the latch. Thus a positive feedback mechanism is formed by a pair of back to 
back inverters as shown in figure (7.16a). Now, based on the voltage levels from previous phase the 
latch regenerates,  (i.e)  hitting  the power rails V dd & gnd .  The  latched comparator  is  tested 
standalone by keeping the switches and the unity gain buffer ideal using the cadence environment at 
2.56 GHz clock and 20MHz input signal frequency using transient analysis. Figure 7.18 shows the 
latched  comparator  output  at  200MHz  clock  frequency  to  test  its  functionality  since  at  high 
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frequencies large glitches will occur.

Figure 7.17: High speed comparator implemented using dynamic CMOS latch & unity gain buffer

Figure 7.18: Transient analysis of dynamic CMOS latch

After checking the functionality of the latched comparator,  it  was integrated with all  other sub 
blocks of differential ADC shown in figure 7.9, and its output shown in figure 7.19.
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Figure 7.19: Transient analysis of differential ADC tested with dynamic CMOS latch

7.9.2 Preamplifier based Latched Comparator 

Preamplifier based latched comparator is classified into two types: Static latched comparator and 
Class AB latched comparator. The static latched comparators has speed and power constraints thus 
obvious choice of the comparator architecture for the differential Flash ADC is Class AB latched 
comparator. Figure 7.20 shows the Schematic of Class AB latched comparator [7]. This proposed 
high speed comparator consists of three stages a preamplifier stage, a dynamic CMOS latch stage 
and a buffer stage implemented using D-flipflop out of which the first two stages are shown in 
figure 7.20. The preamplifier stage is formed using typical, simplified differential amplifier circuit 
with transistors M5 , M6 ,M7 . The  advantages of the preamplifier in-front of dynamic CMOS 
latch stage is already explained in section 7.8.1. As an example, if the dynamic CMOS latch stage 
has an offset of 50mV, then a preamplifier with a gain 10V/V can reduce the input referred latch 
offset voltage to 5mV. Thus depending on the preamplifier gain, offset voltage can be considerably 
reduced along with relaxed metastability. Usually the latched comparators are controlled by clock 
signals.  They operate synchronously with the clock signal  and indicate  whether  the differential 
input is negative or positive through their digital output signal. The Class AB latched comparator is 
operated using single clock Clk . It is controlled by three switches out of which switch (1,3) are 
nmos and switch (2) as pmos transistors. 
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Figure 7.20: Class AB latched comparator

The end terminals of the switch (2) is connected to the regeneration nodes of the dynamic CMOS 
latch which are very sensitive to the voltage variations. The Class AB latched comparator operates 
in two modes: track and evaluate. When clk is low (track mode), switch (3) is off (open) as a 
result no current will flow through the transistors M1 ,M2 . Now switch (2) is on, thus the latch 
stage is able to sense the output signals from the preamplifier. Switch (2) along with the transistors 

M3 ,M4 acts as a load to the differential pair formed by M5 , M6 ,M7 . During this phase the 
differential  voltage  outputs  of  the  preamplifier  will  be  equal Vop=Von .  When clk is  high 
(evaluate  mode),  switches  (1,3)  on and switch  (2)  is  off.  Now the  latch  stage  with  transistors 

M3 ,M4 , M1 ,M2 forms a positive feedback loop with a pair of inverters connected back to back. 
This  positive  feedback  loop  regenerates  the  small  output  voltage  which  is  formed  during  the 
previous phase into a full scale digital signal V dd & gnd . This regeneration time is much faster 
when compared to the static latched comparator. In case of the Class AB latched comparator, the 
drain nodes of the differential amplifier is connected directly to the regeneration nodes of the latch 
stage. As a result comparator circuit starts to react much faster to the input voltage variations due to 
the presence of single pole. Due to the faster regeneration time of latch, the rail to rail V dd & 

gnd  signals  appear  immediately  across  the  regeneration  nodes  (the  cross-coupled  inverters 
output). This kind of large voltage variations introduces kickback effect. Charge leaked due to the 
kickback, propagates to the input of the preamplifier with the help of capacitive coupling of the 
parasitic  capacitance  of  the  preamplifier  transistors  M5 & M6 .  Differential  Current  Mode 
Flash ADC shown in the figure 7.9 uses sixteen Class AB latched comparator which switches at the 
same  time  with  respect  to  the  clock  signals.  In  worst  case,  the  charge  leaked  through  these 
comparators can propagate to the preceding circuitry (differential current pair) and affect the input 
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and reference signals of the ADC thereby affecting its accuracy. 
In case of the static latched comparator the kickback noise is lower as the regeneration nodes are 
isolated from the drain nodes of the preamplifier through current copy circuits. But still there are 
two poles present between the drain nodes of preamplifier  and regeneration nodes of the latch 
which affects the speed of the circuit. Various kinds of kickback reduction techniques are explained 
in [14].
The Class AB latched comparator was tested stand alone at 2.56 GHz clock frequency by applying 
a differential sin input at 20 MHz in cadence environment using transient analysis. Figure 7.21 
shows the transient result of Class AB latched comparator in 65nm process.

Figure 7.21: Transient Analysis of Class AB latched comparator 

The functionality of the differential ADC using the Class AB latched comparator is tested with 
same parameters as that is used to test the differential ADC using two single ended ADC. Figure 
7.22  shows  the  transient  result  of  the  differential  ADC  implemented  with  Class  AB  latched 
comparator.

Figure 7.22: Transient Analysis of differential ADC using Class AB latched Comparator 

From the figure 7.22, it is clear that the circuit of figure 7.9 requires further tuning. The results are 
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highly nonlinear. Further comments about the design issues of this ADC is discussed in Chapter 9, 
Conclusion and Future work.

7.10 Conclusion

This chapter discusses about the implementation of both single ended and differential flash ADC 
architectures. The cascode current splitters used in the design still face channel length modulation 
effects due to which the current mirroring accuracy is affected. The differential ADC built using 
preamplifier  based  latched comparator  suffers  from symmetry  and linearity  issues  (refer  figure 
7.22). At high sampling frequency (2.56 GHz) the switches of latched comparator introduces large 
glitches and distortion to the output signal. It can be concluded that by tuning the ADC further it 
will be possible to get rid of the linearity problems.
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8 Current mode DAC

8.1 Introduction

The DAC is an inherent part of any  modulator. It can be designed with 1-bit or multi bit 
resolution,  usually  the  multi  bit  DAC  are  prone  to  linearity  issues  which  reduces  the 
modulator accuracy. In-order to relax the requirements of the DAC it is always wise to reduce the 
DAC resolution (in simple cases to 1-bit). In-case of multi bit  Modulator, relaxing the DAC 
requirements comes at the cost of an additional circuitry to process the left over LSB bits. The
 modulator  implemented  with  Leslie-Singh  architecture  falls  under  this  category.  The 

Current  mode  modulator  proposed  in  this  thesis  work  is  implemented  with  the  DAC of 
resolution 1-bit  in  its  feedback loop.  The 1-bit  DAC trades  resolution  with  the  linearity.  High 
linearity and low cost is the principle advantage of 1-bit DAC over multi bit DAC. The Current 
mode  modulator proposed in this thesis work is designed with resolution of 4-bits. Among 
these 4-bit only the MSB bit is feedback to the DAC and the remaining LSB bits are processed 
through the Digital Error Correction block shown in figure 4.1, Chapter 4. The following sections 
explains  the  design  of  both  the  single  ended  and  differential  1-bit  DAC  in  a  65nm  CMOS 
technology.

8.2 Single Ended Design

There are many architectures available in literature to implement the 1-bit DAC. Figure 8.1 shows 
the schematic design of 1-bit Current mode DAC. The proposed Current mode DAC works as a 
simple on/off  switch and the schematic is  exactly  similar  to that  of an inverter  with additional 
current sources named as Source and Sink connected at the top and bottom of the design (figure 
8.1).  The  reason  for  having  a  current  source  is  to  export  the  current  as  the  output,  since  the 
subtraction of signals before the Integrator1 is in current domain. 1-bit DAC of the Current mode 
 modulator not only performs the digital to analog conversion process but also converts the 

voltage levels at the input to its corresponding current values. The output of the Current mode ADC 
explained in the chapter 7 is represented as voltage levels.

The  MSB bit  of  the  ADC output  is  represented  as  logic  high  (1)  or  logic  low (0).  Thus  the 
Vinselect signal of the DAC has two stable states (1 or 0). When Vinselect is at logic low (0), 

then the pmos turns on as shown in the figure 8.1 and the reference current from the Source is 
drained to the DAC output. In the same way, as Vinselect goes to logic high (1) then nmos turns 
on and pmos is off, at this point current Iin is pulled to the ground, and the current at output of the 
DAC is negative of the reference current from Source .
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Figure 8.1: Single ended DAC

8.3 Differential Design

Figure 8.2 shows the differential design of the 1-bit DAC which consists of two inverters sharing 
common V dd , Source , gnd and Sink . The operation of the differential DAC is very much 
similar to that of the single ended design. The transistors M2 , M4 are driven by Vinselect
signal and transistors M1 , M3 are driven by the complementary of Vinselect signal. Assume 
in  this  case  when Vinselect is  at  logic  high  (1),  then  transistor M2 turns  on  generating  the 
current that is equal to the negative of the reference current Source thereby pulling Iout N to the 
ground.  At  the  same time the transistor M3 turns  on the  other  branch due to  complementary 

Vinselect signal which drives the reference current Source at Iout p . In this way differential 
currents are generated at the output of the differential Current mode DAC. The speed of the DAC is 
equal to the sampling frequency of the Current mode Flash ADC. This DAC can also be called as 
oversampling digital to analog converter.

Source

Sink

V dd

VinselectIin
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Figure 8.2: Differential DAC

8.4 Simulation Result

Figure 8.3: Transient analysis of differential current mode DAC
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8.5 Conclusion

This chapter explains the design of a simple 1-bit DAC which reduces the non-idealities extensively 
when compared  to  the  multi  bit  DAC designs.  The major  non-idealities  of  the  DAC like  INL 
(Integral non-linearities), DNL (Differential non-linearities), Mismatch error, distortion due to the 
switches etc are considerably reduced, thereby increasing the accuracy of the Current mode 
modulator.  Relaxing  the  DAC  requirements  comes  at  the  cost  of  an  additional  Digital  Error 
Correction block but this error correction block is simple to design when compared to the non-
linearity issues of the multi bit DAC.



120 Chapter 8 Current mode DAC

References

[1] B. Razavi, “Design of Analog CMOS Integrated Circuits”, Tata McGraw-Hill Edition, 2002.
[2] N.N. Tan, “Switched-Current Design and Implementation of Oversampling A/D Converters”, 
Kluwer Academic Publishers, 1997.





9 Future Prospects and Conclusion

9.1 Future Work

The future works in this thesis can be split into two sections, one discussing the behavioral models 
and the other focusing on the schematic models

9.1.1 Behavioral model

• The Digital Error Correction block (figure 7.8) implemented using the SFG model can be 
designed using DSP techniques.

• Design of digital decimation filter using DSP techniques since  modulator followed 
by digital filter will make it a  ADC.

• Mismatch modeling of the SI Integrator, Current mode DAC and other sub circuits to see its 
effect on the performance metrics of the proposed design.

9.1.2 Schematic design

• Design of Common mode feedback circuitry(CMFB) for the SI Integrator.

• Using an advanced current mirroring techniques to implement the Current splitter module in 
Current mode Flash ADC, since cascode mirroring will not completely reduce the mirroring 
error due to the drain- source voltage variations.

• Differential Flash ADC implemented using the Class AB latched comparator suffers from 
symmetry and linearity issues. Figure 7.21 shows the differential outputs of this ADC.

It  is  seen that  one of  the  differential  output  (green  curve)  starts  to  build  the respective 
staircase level at time 100ns when compared to the blue curve which produces its output 
levels at 50ns itself. Thus there is nearly 50ns delay between the output levels. This kind of 
response is due to the non-symmetric nature of the differential voltages ( V 0p - V 15p and 

V 0n - V 15n in figure 7.8) produced by the Current splitter  module before the latched 
comparator. The on-resistance of the switches and the non idealities like kickback effect in 
the Class AB latched comparator are the other sources of errors which are the reasons for the 
linearity  issues.  Thus  the  circuit  requires  further  tuning,  if  possible  other  differential 
comparator architecture's can be chosen to achieve high linearity.

• Dummy transistors and bootstrapping techniques can be used to avoid the charge injection 
cancellation  effects,  clock  feedthrough  errors  and  distortion  due  to  the  non  linear  on 
resistance of the switches used in the SI Integrator and Class AB latched comparator.

9.2 Conclusion

This  thesis  work  explains  the  design  of  the  Current  mode  second  order  modulator 
implemented using the Leslie-Singh architecture (figure 4.1). This multi bit architecture relaxes the 
requirements of the feedback DAC inside the  loop at the cost of an additional Digital Error 
Correction block. The modules of the second order  block are designed using the Switched 
Current (SI) technique by exploiting the advantages of processing signals in the current domain. 

The  proposed  architecture  of  figure  4.1  is  modeled  in  three  ways  and  tested  using  Matlab  & 
Cadence 6.1.5 environment. The SFG model and Mathematical model of the design are designed 
using Matlab and Verilog A model in Cadence 6.1.5 environment. All the three models are designed 
to operate at the sampling frequency of 2.56GHz, signal bandwidth of 20MHz with resolution of 4-
bits.
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Models are tested by keeping the Digital Error Correction block as SFG model (refer figure 4.13, 
Digital  Error  Correction)  at  all  levels  of  abstraction.  The  performance  metrics  of  all  the  three 
models are tabulated below

Current Mode  Modulator 

SFG Model SNDR = 61.9219 dB

Mathematical Model SNDR = 62.6113 dB

Verilog A Model SNDR = 62.6113 dB

Table 9.1: Performance metrics of all models

High level simulation of the Current mode  Modulator is followed by mismatch modeling 
(Chapter 5). Mismatch is modeled in the ADC sub block, by varying the sizes of the current splitter 
transistors  to  ±10 percentage.  Around  100  simulations  are  executed  to  find  the  effect  of 
mismatch on the performance metrics of the Current mode  modulator. The results are plotted 
in a histogram (refer figure 5.4).

After the behavioral simulations, the schematic level design is carried out for the individual sub 
blocks of the  modulator. Folded Cascode architecture is used to implement the SI Integrator 
and the Flash architecture is used for designing the 4-bit Current mode Flash ADC in the schematic 
level as both the architectures can be operated in high speed (in this work f s = 2.56 GHz). The 
modulator sub blocks: SI Integrator, Current mode Flash ADC, Current mode DAC are designed 
using a 65nm CMOS process and tested individually. For further understanding refer Chapter6, 7 
and 8. The sub blocks can be integrated together to check the functionality of Current mode 
modulator in the schematic level.
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