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Abstract

Complexity reduction and reconfigurability are challenges in the design of
modern communication system front-ends. Each new generation of communi-
cation standards brings more stringent requirements on data rates, bandwidth,
synchronization, and spectral efficiency, which in turn can lead to increased
power consumption and chip area. To meet these requirements and at the
same time prevent a rapid growth in power consumption and silicon area, it
is necessary to develop more sophisticated digital signal processing (DSP)
algorithms that simultaneously can achieve high performance, flexibility, and
low implementation cost, particularly in hardware-constrained receiver and
transmitter front-ends. This thesis investigates efficient signal processing
techniques for reconfigurable communication system front-ends and presents
contributions in three directions: design and implementation of variable
digital filters (VDFs), efficient synchronization techniques, particularly sam-
pling frequency offset (SFO) estimation and compensation using VDFs, and
analysis and optimization of cascaded power amplifiers (PAs), specifically
their accumulated nonlinearities.

Since digital filters form the core of DSP algorithms, a key candidate for
efficient reconfigurability in digital front-ends is the class of VDFs, which
are capable of real-time frequency response tuning without the need for
online filter design. The main advantage of VDFs is that they require only
an adjustment of one or a few parameters to change their characteristics,
while the majority of filter coefficients remain fixed after the initial design.
This property eliminates the need for extensive online computations and
makes VDFs particularly attractive for modern adaptive communication
technologies, enabling efficient hardware implementation. In this area, various
aspects of design and implementation of VDFs are presented in the thesis,
including: (i) implementations and systematic design procedures based on
minimax optimization for reconfigurable finite-impulse-response (FIR) filters
for simultaneous equalization and lowpass filtering; (ii) an analysis of chip
area and power consumption for application-specific integrated circuit (ASIC)



implementation of the reconfigurable lowpass equalizer with simultaneously
variable bandwidth; (iii) low-complexity frequency-domain implementations
of VDFs based on the assumption that these filters have been designed
using a common time-domain design approach based on optimizing the
impulse response coefficients; (iv) efficient frequency-sampling-based design
approaches (minimax based and closed-form least-squares) for a variable-
bandwidth FIR filter implemented in the frequency domain, allowing for
direct optimization of the DFT coefficients considering the filter frequency-
domain implementation and thereby resulting in a substantial reduction in
implementation complexity.

Further, accurate synchronization is essential for reliable operation of
communication systems, as synchronization errors can significantly degrade
overall system performance. Among these impairments, SFO is critical,
especially in modern wideband and high-speed communication systems, where
even tiny differences between sampling clocks lead to a noticeable cumulative
timing drift, resulting in inter-carrier and inter-symbol interference. While the
SFO compensation is commonly carried out in the time domain, most existing
SFO estimation methods are formulated in the frequency domain, which are
generally quite computationally demanding, and it results in a separation
between estimation and compensation stages. In contrast to these traditional
approaches, this thesis presents two contributions in this area, specifically:
(i) a joint SFO estimation and compensation framework based on a variable-
fractional-delay filter, that results in reduced implementation complexity
of the SFO estimation and is applicable to arbitrary bandlimited signals;
(ii) a generalized accumulator-based approach for efficient computation of
time-index powered weighted sums, which is employed in the proposed
SFO estimation algorithms to implement computation of time-index and
time-index-squared weighted sums in an efficient way leading to eliminating
considerable parts of multiplications.

Finally, recent advances in wireless communication systems have shown
the need for a reconfigurable number of cascaded power amplifiers (PAs).
While PAs generally constitute one of the main sources of nonlinearities in
a transceiver that distort the transmitted signal and degrade the overall
system performance, in cascaded PAs, the distortions from each amplifier
accumulate with those from the preceding stages, leading to severe nonlinear
behavior. Considering the requirements on high efficiency and a maximally
linear operation regime, this thesis investigates the effect of total nonlineari-
ties occurring in cascaded PAs by providing results on modeling, analysis,
linearization, and optimization of cascaded amplifiers.
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Popularvetenskaplig
Sammanfattning

Komplexitetsreduktion och avstambarhet ar utmaningar i konstruktion av
moderna kommunikationssystems sa kallade front-ends. Varje ny genera-
tion av kommunikationsstandard medfor strangare krav pa datahastigheter,
bandbredd, synkronisering och spektral effektivitet, vilket i sin tur kan leda
till 6kad stromforbrukning och chiparea i en hardvaruimplementering. For
att mota dessa krav och samtidigt forhindra 6kning av stromférbrukning
och kiselarea ar det nédvandigt att utveckla mer sofistikerade algoritmer for
digital signalbehandling (DSB) som samtidigt kan uppna en hog prestanda,
flexibilitet och lag implementeringskostnad, sarskilt i hardvarubegransade
mottagar- och séndar-front-ends. Denna avhandling studerar effektiva sig-
nalbehandlingstekniker och presenterar tre olika bidrag: konstruktion och
implementering av avstdmbara digitala filter (VDF), effektiva synkronisering-
stekniker, sarskilt estimering och kompensation av samplingsfrekvensoffset
(SFO) med hjilp av VDF, och analys och optimering av kaskadkopplade
effektforstarkare (sa kallade PA), sérskilt deras ackumulerade olinjériteter.
Eftersom digitala filter utgor karnan i DSB-algoritmer ar en nyckelkan-
didat for effektiv avstambarhet i digitala front-ends klassen av VDF:er
som kan finjustera frekvenskarakteristiken i realtid utan behov av online-
filterdesign. Den storsta fordelen med VDF:er ar att de endast kraver en
justering av en eller nagra fa parametrar for att dndra sina egenskaper,
medan majoriteten av filterkoefficienterna forblir fixa efter den initiala desig-
nen. Denna egenskap eliminerar behovet av omfattande online-berdkningar
och gor VDF:er sarskilt attraktiva for moderna adaptiva kommunikation-
stekniker, vilket mojliggor effektiv hardvaruimplementering. Inom detta
omrade presenterar avhandlingen tre olika tekniker for design och imple-
mentering av VDF: (i) implementeringar och systematiska designprocedurer
baserade pa minimaxoptimering for avstambara sa kallade FIR-filter for
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samtidig frekvensgangsutjamning och lagpassfiltrering; (ii) implementering
av den avstdmbara lagpassutjamnaren med samtidigt variabel bandbredd,
inklusive analys av chiparea och effektféorbrukning i applikationsspecifika integ-
rerade kretsar; (iii) effektiva frekvensdomén-implementeringar av VDF:er som
konstruerats via filterdesign i tidsdoménen; (iv) effektiva frekvenssamplings-
baserade designmetoder (minimax och minstakvadrat) for FIR-filter med
avstdmbar bandbredd implementerat i frekvensdoménen, vilket mojliggor
direkt optimering av DFT-koefficienterna med hénsyn till filtrets frekvens-
domanimplementering och darigenom resulterar i en signifikant minskning
av implementeringskomplexiteten.

Vidare &r noggrann synkronisering avgorande for tillforlitlig drift av
kommunikationssystem, eftersom synkroniseringsfel kan forsdmra systemets
totala prestanda avsevart. Bland dessa forsamringar ar SFO kritisk, sarskilt
i moderna bredbandiga och hoghastighetskommunikationssystem, dar dven
sma skillnader mellan samplingsklockor leder till en méarkbar kumulativ tids-
drift, vilket resulterar i interferens mellan barvagor och symboler. Medan
SFO-kompensationen vanligtvis utfors i tidsdoménen &r de flesta befintliga
SFO-estimeringsmetoder formulerade i frekvensdoméanen, vilka i allménhet
ar ganska berékningskravande, och det resulterar i en separation mellan
estimering och kompensation. I motsats till dessa traditionella metoder pre-
senterar denna avhandling tva bidrag inom detta omrade: (i) ett gemensamt
ramverk for SFO-estimering och kompensation baserat pa ett avstambart
fordréjningsfilter, vilket resulterar i minskad implementeringskomplexitet for
SFO-estimeringen och &r tillimpbart pa godtyckliga bandbegrinsade signaler;
(ii) en generaliserad ackumulatorbaserad metod for effektiv berdkning av
viktade summor, som anvénds i de foreslagna SFO-estimeringsalgoritmerna
for att implementera berdkning av tidsindex-viktade och tidsindexkvadrat-
viktade summor pa ett effektivt sitt, vilket leder till att de flesta av multip-
likationerna elimineras.

Slutligen har nya framsteg inom tradlosa kommunikationssystem visat
behovet av ett avstambart antal kaskadkopplade PA-steg. Medan en PA i
allméanhet ar en av de huvudsakliga kallorna till olinjariteter i en sandar-
mottagare som forvranger den sinda signalen och forsamrar systemets totala
prestanda, ackumuleras felen i kaskadkopplade PA-steg, vilket leder till
storre olinjariteter. Med héansyn till kraven pa hog effektivitet och ett
maximalt linjért driftsomrade studerar denna avhandling effekten av totala
olinjariteter som uppstar i kaskadkopplade PA-steg genom modellering, analys,
linjarisering och optimering.
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Chapter 1

Introduction and Motivation

In the era of digital transformation, our way of life is constantly changing,
attracting more digital technologies every day. As a result, demands for
constant access to the Internet and various digital devices are growing. The
basis of these technologies is digital signal processing (DSP), a fundamental
technology that has revolutionized the way signals are processed in various
fields. DSP involves the sophisticated manipulation of digital signals using
mathematical algorithms and computational techniques to extract, analyze,
and interpret information embedded within the signals. One of the most
significant applications of signal processing is in communication systems,
where this technology enables not only voice transmission but also multimedia
streaming, data exchange and beyond. From wireless to fiber-optic communi-
cations, signal processing algorithms form the core of seamless, efficient and
reliable signal transmission, reception, and processing.

1.1 Communication Transceiver Front-Ends

Modern communication transceivers consist of both analog and digital pro-
cessing stages. While the analog frond-end (AFE) is an essential part for
performing signal amplification and frequency conversion in the analog do-
main, the digital front-end (DFE) is responsible for a wide range of signal
processing tasks to enable reliable communication and achieve optimal per-
formance in terms of signal quality and spectral efficiency. A high-level block
diagram of a communication transceiver with AFE and DFE is illustrated
in Fig. 1.1. The transmitter chain typically includes the stages of waveform
generation and spectral shaping in the digital domain, digital-to-analog con-
version with subsequent amplification of the radio frequency (RF) signal. At
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Front-End
Analog ADC Digital |_ | Baseband data
Front-End DAC Front-End DSP

Figure 1.1: A high-level block diagram of a communication transceiver.

the receiver, the signal is converted back to the digital domain, so that DFE
can perform synchronization, filtering, equalization, and other DSP tasks
needed for reliable signal detection [1-4]. While DFE algorithms typically
constitute the main part in determining the overall complexity and efficiency
at the receiver side, at the transmitter, power amplifiers (PAs) play a critical
role in determining the overall power consumption and linearity [5].

With each new generation of communication technologies, there exists
a persistent drive towards achieving higher data rates, lower latency, and
improved accuracy positioning [6-9] that together necessitate the develop-
ment of more sophisticated signal processing algorithms implemented in
the DFE. Additionally, recent communication standards have introduced
new requirements on flexibility and reconfigurability to support different
standards and operate for different needs of the systems [7-9]. Moreover,
the diversification and fragmentation of communication markets have led to
situations where similar system designs must be developed, adapted, and
validated multiple times for different standards or application domains. This
repeated design and validation process increases development and production
costs, that shows the need for the design of reconfigurable systems [5,10]. At
the same time, many practical transceiver implementations are constrained
by power consumption and silicon area requirements. Consequently, the
development of efficient and reconfigurable signal processing techniques for
communication system front-ends is one of the research challenges nowadays.

1.1.1 Variable Digital Filters

Among the DFE components, digital filters play a crucial role in many
DSP tasks. This is still an active research area, where more advanced
solutions for efficient filter design and implementation are proposed every
year [11-17]. Moreover, considering the demands for flexible and adaptive
systems [8,9,18-21], reconfigurable digital filtering techniques are essential
for the development of flexible communication systems.

At first sight, these requirements can be fulfilled by means of regular digital
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filters having all coefficients general, the values of which can be updated
after online filter design based on new specification requirements from time
to time. This type of filters can be implemented in general-purpose digital
signal processors or field programmable gate arrays (FPGAs). However, the
reconfiguration time is relatively long and the filters cannot be reconfigured
dynamically, i.e., while processing. Moreover, this approach usually leads to
high implementation complexity and thereby high power consumption, which
is one of the main limitation, for example, in mobile terminals and internet
of things (IoT) devices [22,23].

This problem has lead many researchers to variable digital filters (VDFs)
and increased interest in their design and implementation techniques [24-74].
The main feature of VDFs is the ability to vary their frequency response "on-
the-fly" by adjusting only one or a few parameters without online redesign. In
these filters, most of coefficients are fixed once the filter has been designed, and
thus, they can be efficiently implemented in hardware, for example, in FPGAs
or application specific integrated circuits (ASICs) using various techniques
[11-13, 17, 75], while preserving both flexibility and low implementation
complexity. This is the main advantage over regular digital filters, which
have all coefficients being general (i.e., variable) and require redesign for
every new specification using, e.g., the least-squares (LS) method or minimax
optimization [76]. This means that the overall complexity of regular digital
filters consists of implementation of general multipliers and obtaining new
values for them, whereas the overall complexity of VDFs contains mainly
implementation of constant multipliers, which requires significantly less
computational resources than the general ones.

1.1.2 Sampling Clocks Synchronization

Another important function of the DFE is synchronization. In practical
transceiver implementations, perfect synchronization is difficult to achieve
without additional corrections due to hardware imperfections and varying
channel conditions. Importantly, even small mismatches can result in signifi-
cant degradation of the overall system performance [77,78].

Among various synchronization impairments encountered in receivers,
sampling frequency offset (SFO) is particularly important to mitigate in
many applications and becomes more crucial in modern high-speed and
wide-band communication systems, where the use of large signal bandwidths
necessitates very high sampling rates [77]. For such systems, even tiny
differences between sampling clocks lead to a noticeable accumulative timing
drift, which in turn distorts the received signal and leads to inter-symbol
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interference (ISI), while in multi-carrier systems it can also cause inter-carrier
interference (ICI) [77-84]. Consequently, efficient techniques for estimating
and compensating SFO are essential for maintaining reliable communication.

Various techniques have been proposed to mitigate the effects of SFO.
While the estimation algorithms are more often implemented in the frequency
domain [77,80,83-91], the compensation is typically carried out in the
time domain by interpolating the received signal employing VDF structures,
specifically, a variable fractional delay (VFD) filter [92-95]. By exploiting
the flexibility of the VFD filters, synchronization algorithms can account for
a time-varying fractional delay, corresponding to SFO, while maintaining low
implementation complexity.

1.1.3 Cascaded Power Amplifiers

Among the transmitter-side components, PAs, which constitute a part of
the AFE, are particularly important in many communication systems. They
are responsible for increasing the power of the transmitted signal to ensure
that the receiver can recognize the presence of the signal. However, PAs are
typically the most power-hungry elements and constitute one of the main
sources of nonlinearities that distort the transmitted signal. This is especially
problematic in systems with stringent requirements on consumed power and
operating on signals with high peak-to-average power ratio (PAPR). In order
to design high-performance transmitters ensuring a balance between high
efficiency and linearity of PAs, the behavioral modeling of PAs has received
considerable attention over the last few decades, as it is an essential step in
understanding PA limitations and developing efficient DSP algorithms for
optimizing their performance [96-104].

To support the demands for reconfigurability, recent advances in wireless
communication systems have introduced a system with a reconfigurable num-
ber of PAs placed in cascade, where each PA amplifies the incoming signal to
compensate for the losses incurred in the preceding fiber [105,106]. A similar
problem but with a fixed number of PAs has been considered in optical
free-space communications [107] and optical communications [94,108-110]
to overcome the impact of the attenuation for long distances. Additionally,
multiple amplification stages can be employed to improve power efficiency
and minimize chip size [111,112]. In such cascaded structures, the nonlinear
behavior of each PA is accumulated throughout the transmitter chain, result-
ing in a more complex and severe overall nonlinear effect, which requires to
be analyzed and mitigated.



1.2 Contributions of the Thesis

1.2 Contributions of the Thesis

This doctoral thesis comprises research publications that have been produced
as a result of research work at the Communication Systems Division, Depart-
ment of Electrical Engineering, Linkoping University, Sweden. The papers
have been peer-reviewed and published, or submitted for possible publication.

The thesis investigates the aforementioned areas, specifically, efficient
design and implementation techniques for VDFs, low-complexity SFO esti-
mation algorithms, and analysis and optimization of the cascaded structure
of PAs to minimize the overall nonlinearities, and provides the contributions
to these three research directions.

Variable Digital Filters

The problem of efficient signal processing techniques in the area of reconfig-
urable digital filtering is addressed by presenting the following contributions
to the low-complexity design and implementation algorithms for VDFs.

e Paper A proposes implementations and systematic design procedures
for a reconfigurable lowpass equalizer (RLPE) based on minimax opti-
mization, while Paper B provides an analysis of chip area and power
consumption for an ASIC implementation of the RLPE. These studies
highlight that VDF structures allow to reduce the implementation
complexity, power consumption, and chip area compared to regular
digital filters.

e Paper C presents low-complexity frequency-domain implementations of
VDFs based on the assumption that these filters have been designed
using a common time-domain design approach based on optimizing the
impulse response coefficients. The filter’s discrete Fourier transform
(DFT) coefficients are proposed to be implemented as fixed, hybrid, or
variable weights, where each of the realizations can find their application
in practice depending on the overall system requirements.

e Efficient frequency-sampling-based design approaches for a variable-
bandwidth finite impulse response (FIR) filter implemented in the
frequency domain are introduced in Paper D using minimax optimiza-
tion and in Paper E by providing a closed-form least-squares solution.
The proposed methods allow for direct optimization of the DFT co-
efficients considering the filter frequency-domain implementation and
thereby offer a significant reduction in implementation complexity.
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Sampling Clocks Synchronization

In contrast to the traditional approaches preserving a separation between
SFO estimation and compensation stages, this thesis contributes to the area
of sampling clocks synchronization by presenting a joint SFO estimation and
compensation framework based on a VFD filter. The contributions are as
follows.

e Paper F proposes the estimation algorithms which rely on two comp-
lementary methods, specifically, Newton’s method and iterative least-
squares formulation. Both algorithms result in reduced implementation
complexity of the SFO estimation and are applicable to arbitrary band-
limited signals.

e Paper G introduces a generalized accumulator-based approach for
efficient computation of time-index powered weighted sums, which is
employed in the proposed SFO estimation algorithms to implement
computation of time-index and time-index-squared weighted sums in an
efficient way leading to eliminating considerable parts of multiplications.

Cascaded Power Amplifiers

In the area of PA nonlinearities, this thesis contributes by studying model-
ing, analysis, and optimization of cascaded PA parameters to mitigate the
severe effect of the accumulated distortions. The results of the optimized
configurations using nonlinear LS optimization demonstrate potential ways
of linearizing the cascaded PA structure. This is presented in Paper H.

1.2.1 Included Papers

Paper A: Low-Complexity Reconfigurable FIR Lowpass Equalizers
for Polynomial Channel Models

Authored by: Oksana Moryakova, Yinan Wang, and Hakan Johansson
Published in Journal Digital Signal Processing, vol. 150, pp. 1-13, Jul. 2024.

Abstract: This paper introduces realizations of a reconfigurable FIR filter
for simultaneous equalization and lowpass filtering for high-order polynomial
channel models. The main advantage of the proposed solutions is compu-
tational complexity reduction compared to existing solutions for a given
performance, which leads to reduced hardware complexity. The proposed
structures employ properties of both a variable bandwidth (VBW) filter and
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a variable equalizer (VE) with variable coefficients. The overall transfer
function of the proposed RLPE is a weighted linear combination of fixed
subfilters where the weights are directly determined by the bandwidth and
one or several parameters of the channel needed to be equalized. The paper
provides design procedures based on minimax optimization and introduces a
fast design method for the filter with several variable parameters that can
substantially decrease the design time. Filter order estimation expressions
as well as complexity expressions are presented for all proposed realizations.
Design examples include comparison of the RLPE structures and a common
approach of using a regular FIR equalization filter requiring online redesign
when the bandwidth or channel characteristics are changed. It is shown that
the number of general multiplications can be reduced up to 91% using the
proposed RLPE.

Paper B: Low-Complexity Implementation of Real-Time Reconfi-
gurable Low-Pass Equalizers

Authored by: Narges Mohammadi Sarband, Oksana Moryakova, Hakan
Johansson, and Oscar Gustafsson

Published in IEEE Transactions on Very Large Scale Integration (VLSI)
Systems, vol. 33, Sep. 2025, pp. 246-2473.

Abstract: Implementation techniques and results for a recently proposed
real-time RLPE consisting of a variable bandwidth filter and a variable
equalizer are presented. Both components utilize fixed FIR filters combined
with a few general multipliers, resulting in lower area and power consumption
compared to a general FIR filter, despite requiring more multiplications. This
is because the constant multipliers in the fixed FIR filters of the RLPE can be
optimized for implementation. An additional advantage is that the proposed
RLPE do not require online design. Various implementation alternatives for
fixed FIR filters, including ways to increase the frequency, are evaluated to
optimize the implementation of the RLPE. Several versions of the proposed
RLPE as well as a general FIR filter for comparison are implemented using a
28 nm fully depleted silicon on insulator (FD-SOI) standard cell library. The
results demonstrate that the RLPE baseline design requires less power and
area than the general equalizer and although the frequency of the baseline
implementation is lower, the design can reach the same frequency while
still having significantly less power and area. Furthermore, an approach
is introduced to break the chain in the polynomial section of the variable
bandwidth filter by using less additional registers compared to standard
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pipelining. Instead, this method reformulates the constant multiplication
problem to produce correct results. For the considered case, the power
consumption is reduced between 49 and 70% for different frequencies, with
an area decrease in the range of 64 to 67%, by using the proposed RLPE
compared to a general FIR filter.

Paper C: Frequency-Domain Implementations of Variable Digital
FIR Filters Using the Overlap-Save Technique

Authored by: Oksana Moryakova and Hakan Johansson

Published in proceedings of 24th International Conference on Digital Signal
Processing (DSP), Rhodes, Greece, Jun. 11-13, 2023, pp. 1-5.

Abstract: The paper introduces frequency-domain implementations of vari-
able digital filters using the overlap-save method. Expressions for implemen-
tation and design complexities are derived for real-valued impulse responses.
Design examples include implementations of a VBW filter alone as well as
a cascade of a VBW filter and a VFD filter. Compared to a time-domain
implementation and a filter bank approach, the proposed structures can
reduce the implementation complexity significantly and achieve savings up
to 95% in the multiplication rate and up to 89% in the addition rate.

Paper D: Efficient Design and Implementation of Fast-Convolution-
Based Variable-Bandwidth Filters

Authored by: Oksana Moryakova and Hakan Johansson

Published in proceedings of 32nd European Conference on Signal Processing
(EUSIPCO), Lyon, France, Aug. 26-30, 2024, pp. 1-5.

Abstract: This paper introduces a frequency-domain design approach of
a fast-convolution-based VBW filter. The proposed approach is based on
a hybrid of frequency sampling and optimization, that offers significant
computational complexity reduction compared to existing solutions for a
given performance. The paper provides a design procedure based on minimax
optimization to obtain the minimum complexity of the overall filter. A design
example includes comparison of the proposed-design based VBW filter and
time-domain designed VBW filters implemented in the time domain and
in the frequency domain. It is shown that not only the implementation
complexity can be reduced but also the design complexity by excluding any
computations when the bandwidth of the filter is adjusted. Moreover, memory

10
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requirements are also decreased compared to the existing frequency-domain
implementations.

Paper E: Closed-Form Least-Squares Design of Fast-Convolution
Based Variable-Bandwidth FIR Filters

Authored by: Oksana Moryakova and Hakan Johansson

Published in IEEE Open Journal of Signal Processing, vol. 7, Jan. 2026,
pp. 54-63.

Abstract: This paper introduces a closed-form LS design approach for fast
convolution (FC) based VBW FIR filters. The proposed LS design utilizes
frequency sampling and the VBW filter frequency-domain implementation
using the overlap-save (OLS) method, that together offer significant savings
in implementation and online bandwidth reconfiguration complexities. Since
combining frequency-domain design and OLS implementation leads to a
linear periodically time-varying (LPTV) behavior of the VBW filter, a set
of the corresponding time-invariant impulse responses is considered in the
proposed design. Through numerical examples, it is demonstrated that the
proposed approach enables not only closed-form design of FC-based VBW
filters with substantial complexity reductions compared to existing solutions
for a given performance, but also allows the variable bandwidth range to be
extended without any increase in complexity. Moreover, a way of reducing the
maximum approximation error energy over the whole set of the time-invariant
filters of the LPTV system is shown by introducing appropriate weighting
functions in the design.

Paper F: Joint Sampling Frequency Offset Estimation and Com-
pensation Algorithms Based on the Farrow Structure

Authored by: Deijany Rodriguez Linares, Oksana Moryakova, and Hakan
Johansson

Submitted to IEEE Open Journal of Signal Processing.

Abstract: This paper presents joint SFO estimation and compensation
algorithms based on the Farrow structure. Unlike conventional approaches
that treat estimation and compensation separately, the proposed framework
exploits the interpolator structure to enable a low-complexity, fully time-
domain solution applicable to arbitrary bandlimited signals, without imposing
constraints on the waveform or requiring Fourier transform based processing.
The estimation stage can operate on a real-valued component of a complex

11
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signal and supports the simultaneous estimation of SFO and sampling time
offset, while being inherently robust to other synchronization impairments
such as carrier frequency offset. The proposed estimation algorithms rely
on two complementary methods, specifically, Newton’s method and iterative
least-squares formulation. The implementations of the estimators are pre-
sented and the overall computational complexity is analyzed, showing that
the complexity scales only linearly with the number of samples employed.
Numerical results for real and complex multisine and bandpass-filtered white
noise signals demonstrate accurate estimation and effective compensation over
a wide range of operating conditions, confirming the flexibility and efficiency
of the proposed approach. Moreover, the influence of the Farrow structure
approximation error on the SFO estimation accuracy is investigated.

Paper G: Efficient Computation of Time-Index Powered Weighted
Sums Using Cascaded Accumulators

Authored by: Deijany Rodriguez Linares, Oksana Moryakova, and Hakan
Johansson

Published in IEEE Signal Processing Letters, Feb. 2026, pp. 893-897.

Abstract: This letter presents a novel approach for efficiently computing
time-index powered weighted sums of the form 2111\7:_01 nwv[n] using cascaded
accumulators. Traditional direct computation requires K x N general multi-
plications, which become prohibitive for large N, while alternative strategies
based on lookup tables or signal reversal require storing entire data blocks. By
exploiting accumulator properties, the proposed method eliminates the need
for such storage and reduces the multiplicative cost to only K+1 constant
multiplications, enabling efficient real-time implementation. The approach
is particularly useful when such sums need to be efficiently computed in
sample-by-sample processing systems.

Paper H: Modeling, Analysis, and Optimization of Cascaded Power
Amplifiers

Authored by: Oksana Moryakova, Thomas Eriksson, and Hakan Johansson

Published in proceedings of 33rd European Conference on Signal Processing
(EUSIPCO), Palermo, Sicily, Italy, Sep. 8-12, 2025, pp. 2692-2696.

Abstract: This paper deals with modeling, analysis, and optimization
of PAs placed in a cascaded structure, particularly the effect of cascaded
nonlinearities is studied by showing potential ways to minimize the total

12
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nonlinearities. The nonlinear least-squares algorithm is proposed to optimize
the PA parameters along with the input power level, and thereby minimize
the total nonlinearities in the cascaded structure. The simulation results
demonstrate that the performance of the optimized configurations for up to
five PAs using the proposed framework can improve the linearity properties
of the overall cascade.

1.2.2 Excluded Papers

The following paper are excluded as they are preliminary versions of the
included Papers A and F in the thesis.

Paper P.1: Reconfigurable FIR Lowpass Equalizers

Authored by: Oksana Moryakova, Yinan Wang, and Hakan Johansson

Published in proceedings of 2022 IEEE Workshop on Signal Processing
Systems (SiPS), Rennes, France, Nov. 2-4, 2022, pp. 1-6.

Abstract: This paper introduces realizations of a reconfigurable FIR filter
for simultaneous equalization and lowpass filtering. The proposed struc-
tures employ properties of both a VBW filter and a VE with an adjustable
coefficient using the Farrow structure, therefore they consist of weighted com-
binations of fixed subfilters. Design procedures using minimax optimization
technique are provided. The paper includes a design example and complexity
comparisons between the proposed structures of the RLPE and a common
approach of using a regular FIR equalization filter requiring online redesign.

Paper P.2: Joint Sampling Frequency Offset Estimation and Com-
pensation Based on the Farrow Structure

Authored by: Deijany Rodriguez Linares, Oksana Moryakova, and Hakan
Johansson

Published in proceedings of 25th International Conference on Digital Signal
Processing (DSP), Costa Navarino, Greece, Jun. 25-27, 2025, pp. 1-5.

Abstract: This paper introduces a SFO estimation method based on the
Farrow structure, which is typically utilized for the SFO compensation and
thereby enables a reduction of the implementation complexity of the SFO
estimation. The proposed method is implemented in the time domain and
works for arbitrary bandlimited signals, thus with no additional constraints
on the waveform structure. Moreover, it can operate on only the real or

13
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imaginary part of a complex signal, which further reduces the estimation
complexity. Furthermore, the proposed method can simultaneously estimate
the SFO and additional sampling time offset (STO) and it is insensitive to
other synchronization errors, like carrier frequency offset. Both the derivations
of the proposed method and its implementation are presented, and through
simulation examples, it is demonstrated that it can accurately estimate both
SFO and STO for different types of bandlimited signals.

1.3 Thesis Outline

This thesis consists of two parts. Part I provides the necessary background
and context for the three main research areas addressed in the thesis: VDFs,
sampling clocks synchronization, and PAs nonlinearities. Following the
introduction presented in this chapter, the background starts from the basics
of digital filters and filter banks presented in Chapter 2. Specifically, it
discusses FIR filters, which are commonly used as the basic building blocks
in VDFs, and the basic elements of multirate systems and filter banks (FBs),
which can help the reader to acquire an overall understanding of FB-based
VDFs, presented in Chapter 3 along with commonly used Farrow-based VDFs.
Further, Chapter 4 gives an overview on the sampling clocks synchronization
errors, in particular, SFO impact and its estimation and compensation
methods. Chapter 5 provides common challenges in the area of PAs and
gives an introduction to cascaded PAs. Chapter 6 concludes Part I of the
thesis. Part II comprises the published papers, the layout of which has been
changed and a few typos have been corrected.

14



Chapter 2

Basics of Digital Filters and
Filter Banks

In this chapter, relevant basics of digital filters and filter banks are provided.
Generally, FIR filters are used as basic building blocks in VDFs,; which are
discussed in Papers A—F. Therefore, their design and implementation are
important to recall here. The main focus is on linear-phase FIR filters and
digital differentiators since those two types are used in the contributions to this
thesis. Additionally, many DSP applications, for example, communications
and audio processing, utilize multirate techniques because their use can
simplify and reduce computational complexity. Similarly, VDFs can be
efficiently implemented using these techniques. Thus, this chapter also covers
the basics of multirate systems and filter banks, which can be used to analyze
and design time-varying systems as discussed in Papers D and E.

2.1 FIR Filters

There are two major classes of digital filters, namely, FIR filters and infinite-
impulse-response (IIR) filters. Advantages of the former over the latter are
that stability of the filters can be guaranteed and a linear-phase response
can be obtained. Additionally, a drawback of IIR filters is that they have a
bound on the data rate [113]. Therefore, FIR filters are commonly used in
applications where linear phase response and stability are important, e.g., in
channel equalization and anti-aliasing filtering, especially, in high data rate
applications. FIR filters usually have a higher order and, correspondingly,
greater group delay compared to IIR filters [76,114-116]. This is why it is of
interest to reduce the complexity of FIR filter implementations [11,13,17].
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The impulse response h(n) of a causal FIR filter of order N is nonzero
only for 0 < n < N, while the transfer function and frequency response are
defined as

N
H(z)=> h(n)z" (2.1)
n=0
and N
H(eTy = " h(n)e 7T, (2.2)
n=0

respectively, where w7 indicates the discrete-signal frequency! for the sam-
pling period T'. The frequency response in (2.2) can be represented as

H(eT) = [H(eT) s, (23

where |H (e/“T)| is the magnitude response and ®(w7T) is the phase response.
The FIR filter output can be expressed in the time domain as linear
convolution of an input sequence z(n) and the filter impulse response as

N
y(n) = h(k)z(n— k). (2.4)
k=0

In the frequency domain, it corresponds to the product of the corresponding
Fourier transforms, i.e.,

Y (1) = H(eT) X (e74T), (2.5)

where X (e/“T) and Y (e/“T) are the Fourier transforms of the input and
output sequences, respectively.

2.1.1 Linear-Phase FIR Filters

Linear-phase FIR filters are of particular interest in the class of FIR filters.
The phase response of these filters is linear, and the impulse response is
symmetric or antisymmetric depending on the type of the filter as follows [116]:

Type I (N even): h(n) = h(N —n),
Type II (N odd): h(n) = h(N —n),
Type III (N even): h(n) = —h(N —n),
Type IV (N odd):  h(n) = —h(N —n)

'n literature, the discrete-signal frequency is alternatively denoted as w or Q.

16



2.1 FIR Filters

This means that the number of multiplications in filter implementations can
be halved. The frequency response of linear-phase FIR filters can be expressed
with the help of a real function Hg(wT), called zero-phase frequency response,
as

H(e™T) = Hp(wT)e (‘”T%’C), (2.6)

where ¢ = 0 for filters of Types I and IT and ¢ = 7/2 for filters of Types III and
IV. The zero-phase frequency response Hgr(wT') depends on the linear-phase
filter type as follows [116]:

( ) + ZN/2 (— —n)cos(wIn), (TypelI)
N+
N+L _1
Hig(wT) = ZN/Q 2h( n) cos (wT [n 2]) , (Type II) (2.7)
Sonli2h (& = n)sin(wIn), (Type III)
N+1
S0 2h (B — ) sin (wT [n—3]).  (Type IV)
Then, the phase response of a linear-phase filter H(z) is
—wT% Hp(wT) >0
PwT) =4 T2 RWI) >0, (2.8)
—wl5 +ctm, HprWwT) <0,
while the group delay is?
_0oWwT) N
Te(WT') = Wl) =3 (2.9)

To achieve an integer group delay, the filter order must be even, i.e., one
should consider Type I or Type III linear-phase FIR filters.

2.1.2 Digital Filter Design and Implementation Steps

The design process of digital filters generally follows® the structure shown in
Fig. 2.1 [117]. Tt starts from defining the desired specification of the filter,
followed by optimizing the filter coefficients to satisfy the frequency response
specification. The resulting coefficients are typically obtained in a floating-
point form first. Therefore, the next steps of the filter design process include a
choice of the filter realization and an analysis of the finite word length effects.
These steps are primarily covered in this thesis. Further, the steps including

2This is the group delay ignoring the phase discontinuity at Hgr(wT) =0.
3This is an overall principle, but it can be slightly modified in many practical cases
depending on the specific application.
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’ Digital filter specification ‘

l

’ Digital filter design ‘

l

’ Digital realization ‘

l

’ Finite word length analysis ‘

l

’ Algorithm scheduling ‘

l

’ Logic synthesis ‘

l

’ Results (gates, flip-flops, adders/multipliers) ‘

Contributions of this thesis

Figure 2.1: Design and implementation steps for a digital filter.

an analysis of the hardware specification such as algorithm scheduling and
resource allocation, logic synthesis of the architectural components (processing
elements, memory, control units, etc.), and circuit description in terms of
basic building blocks (gates, adders, flip-flops, etc.) [117], are not covered
here but are analyzed in Paper B for a cascaded structure of a VDF.

2.1.3 Design of FIR Filters

For a given specification, filter design generally involves two stages, namely,
filter order estimation and obtaining the filter coefficients by approximation
of the desired response for an order around the estimated value, where the
last step is often iterative until the minimum-order filter is obtained. For an
FIR filter, it generally amounts to determine the impulse response values
h(n), for which the filter frequency response satisfies the given specification.
This type of filter design is common for an FIR filter implemented in the
time domain. An alternative way is to obtain the filter DFT coefficients
during the second step of the design procedure to meet the desired frequency
response specification. This type of filter design can be used for efficient
filter implementations in the frequency domain. This section discusses the
procedures in detail for both design approaches for frequency-selective filters.
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LICED]

Transition
Passband | band | Stopband

Figure 2.2: Frequency-response specification of a lowpass filter.

Specification

Among all types of frequency-selective filters, here, we will consider a linear-
phase lowpass FIR filter since it is mainly used as the basic element in the
contributions to this thesis.

The desired frequency response of a causal lowpass FIR filter of order N
is given by

e_jWT%, wT € [0,w.T],

(2.10)
0, wT € [wsT, 7],

Hdes(ejWT) == {

where the frequencies w1 and wg1 indicate the passband and stopband
edges, respectively. The specification of a lowpass filter H(e/“T) is shown in
Fig. 2.2 and commonly given as

13, <|H (T <146, wT €[0,w.T],

. (2.11)

|H (1) < 6, wT € [wsT, 7],
where J, and ds denote the passband and stopband ripples. There are no
requirements on the magnitude response in the transition band, which is
generally referred as a don’t-care band. For a linear-phase FIR filter, the
specification in (2.11) can be defined in terms of the zero-phase frequency
response Hp(wT') introduced in (2.7) according to

1 -6, <Hp(WT) <1+6p, wT €[0,wT],

(2.12)
—0s < HR(wT) < b5, T € [wsT, 7).
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2 Basics of Digital Filters and Filter Banks

Filter Order Estimation

Compared to IIR filters, there are no closed-form expressions determining the
minimum filter order for FIR filters. However, there are many approximation
formulas available, which have been derived empirically [114,115,118,119].
For a given specification, one can estimate the order of a linear-phase lowpass
FIR filter using, for example, the expression given by [114]

_47T 10g10(105p5s)
3(wsT — w.T)

N = (2.13)
Thus, the narrower the transition band, the higher is the filter order required
to meet the desired specification.

Design Methods

There are four common methods to design FIR filters, namely, the windowing
method, minimax optimization, LS method, and frequency-sampling method.

Design by the Windowing Method. In the windowing method, the
impulse response h(n) of an FIR filter is obtained by multiplying the ideal
impulse response hr(n) by a window sequence wi(n), i.e.,

h(n) = hi(n)wi(n), (2.14)

where hi(n) is the infinite-duration impulse response of an ideal filter obtained
using the inverse Fourier transform of the ideal frequency response Hi(e/*7T),
i.e., when w.T' = wsT in (2.10). In the frequency domain, the response
H(e9“T) is a convolution of the ideal frequency response Hi(e/“T) with the
window’s Fourier transform Wy(e/*T). A variety of windows are available,
including rectangular, Hamming, Hanning, Blackman-Harris, and Kaiser
windows [76,120].

Although this method is straightforward and simple, the drawback of
it is that the order of the designed FIR filters is higher compared to other
available methods, which leads to relatively high implementation complexity.
Moreover, the windowing approach does not allow an explicit control of the
band edges or error weighting.

Minimax Design. Optimization-based design methods allow to obtain
an optimal solution in terms of filter parameters and meet the desired
specification. One common method is the Parks-McClellan algorithm, which
is used for designing linear-phase FIR filters using minimax (Chebyshev)
optimization by minimizing the maximum error between the desired and
actual frequency responses [121]. For lowpass FIR filter design, the following
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problem needs to be solved. For a given filter of order N, find N + 1 impulse
response values h(n) as well as 0 to

minimize 6

: (2.15)
subject to |E(wT)| <6,
where E(wT) is a weighted error function, given by
E(wT) = W(wT)[H (™) — Hyes(e’T)], (2.16)

with H(e/“T) as in (2.2), Haes(e’“T) as in (2.10), and the weighting function
W(wT') given by

1, w € [0, w:T],

(2.17)
0p/ds, w € [wsT, .

W(wT) = {

The specification is met if § after the optimization satisfies < d,. The
resulting filter is optimal in the minimax (Chebyshev) sense, meaning that it
is not possible to find another filter of equal or lower order with a smaller
value of the error E(wT') in (2.16).

Least-Squares Design. In the applications where requirements on the
error energy are given, it is appropriate to design a filter by minimizing the
total squared error between the desired filter response Hges(e/“T) and the
actual filter response H(e/“T) [76]. Thus, the design problem is stated as
Lo-norm minimization as follows. For a given filter order N, find N + 1
impulse values h(n) to

minimize ||E|[3, (2.18)
where
1B = o [ HET) ~ Hu(e@DPdeT)  (219)
27 Juren
with H(e/“T) as in (2.2), Haes(e?“T) as in (2.10), and Q = [—7, —wT| U

[—we T, we T U [wsT, 7).
For a linear-phase FIR filter, (2.18) can be expressed as

1
minimize — / |Hr(WT) — Hp des(wT)|* d(wT), (2.20)
T JwTe,
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2 Basics of Digital Filters and Filter Banks

where Hp ges(wT') is the desired zero-frequency response with one in the
passband and zero in the stopband, and €, = [0,w.T] U [wsT,7]. For a
Type I linear-phase filter, the response Hr(wT') in (2.7) can be written as

N/2
Hp(wT) =Y b(n)cos (wTn) = b c(wT), (2.21)
n=0
where
b = [h(N/2),2h(N/2 —1),...,2h(0)]", (2.22)
c(wT) = [1,cos(wT), ..., cos(wI'N/2)|*. (2.23)

Then the solution of the problem (2.20) is given by

b= Q_1p7 (224)

where Q is a symmetric positive-definite (N/2 + 1) x (IN/2 + 1) matrix [122]
with the elements Q(n, m) given by

s

weT
Q(n,m) = /0 cos (wI'n) cos (wI'm) d (wT')

1 s
+ = / cos (wT'n) cos (wIT'm)d (WT). (2.25)
T JwsT

Further, p represents a vector of length N/2 + 1 with the elements p(m)
given by

1 weT
p(m) = — / cos (wI'm) d (wT). (2.26)
T Jo
If a weighted error function W(wT') is desired, the problem in (2.20) is
modified as

1
minimize / W (wT)|Hp(wT) — HR ges(wT) 2d(wT), (2.27)
wT ey,

™

where W(wT') has the gain « for wT' € [0,w.T] and 1 — « for wT € [w T, 7).
Then, the solution is obtained as in (2.24) with Q and p including the
corresponding weights in the passband and stopband regions [76,122].
Frequency-Sampling-Based Design. This design method is based on
deriving the filter DFT coefficients for the passband and stopband directly
by sampling the desired frequency response in (2.10) and optimizing the
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Hg(k), [H(e/“T)| O Hp(k) — |H(e™D)|
° V(r)

| I | | I I
01 2 3 4 5 6 7 8 9 10 11 12 13 14 15

Figure 2.3: Concept of the frequency-sampling-based FIR filter design.

transition band values, which are generally not specified, to minimize the
error between the actual and the desired frequency responses.

Let Hyes(k) = Haes(e’**T) be the samples of the desired frequency re-
sponse for a filter of order N — 1, uniformly spaced in the interval [0, 27),
where wipT = 27k/N, k =0,..., N — 1. Thus, the coefficients H(k) can be
expressed as

ﬁk(N 1)

H(k) = Hp(k)e 7™ 5 (2.28)

with the magnitude response samples Hg(k) given by

1, kel0,kg —1JUIN — k1 +1,N —1],
Hp(k) = qV(k—ki), k€ ki, ko] U[N—ke, N — k], (2.29)
0, ke lko+1,N—ky— 1,

where k1 and ko are the first and the last sample indices of the transition
band*. An example of the magnitude response samples Hp(k) with the
transition band samples V(r), r = k—ky = 0,..., ko — k1, is shown in Fig. 2.3
for N = 16.

Further, the impulse response coefficients, obtained by the IDFT, are
given by [76]

N—

H

1
=N H(k)e??mRnN, (2.30)
Nk:O

Substituting (2.30) in (2.2), the frequency response of the actual filter is

“The expression in (2.29) assumes k1 > 1. For k1 = 1, (2.29) is modified for the
passband, which consists of only one sample for k = 0.
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2 Basics of Digital Filters and Filter Banks

Figure 2.4: Time-domain implementation of a Type I linear-phase FIR filter.

obtained as

. 1 . .
H(eT) = H (k)e??mkn/N o =jwTn, (2.31)

N
n=0 k=0

Therefore, the error between the responses Hyes(e/“?) and H(e/“T) can
be minimized by determining values of V' (r), that can be carried out using
iterative optimization algorithms [123-125] or the LS method [126].

2.1.4 Realizations of FIR Filters
Time-Domain Realizations

A time-domain realization of a Type I linear-phase FIR filter is shown
in Fig. 2.4. Since the impulse responses of linear-phase filters are either
symmetric or antisymmetric, the number of multiplications can be reduced
by approximately a factor of two compared to regular FIR filters, however
the number of additions and delay elements remain the same.
Complexity of Time-Domain Realization. Implementation com-
plexity can be measured by the number of multiplications C/LP, number of
additions CJP, and number of delay elements CED . For the time-domain
filter implementations, these numbers can also be viewed as complexity per
output sample. For a linear-phase FIR filter, implementation complexity

expressions are given in Table 2.1.

Frequency-Domain Realizations

As mention in Section 2.1, the linear convolution in (2.4) corresponds to the
multiplication of DFT coefficients in the frequency domain as in (2.5). It can
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Table 2.1: Complexity expressions for linear-phase FIR filters realized in the time
domain.

| Typel | Typell | Typelll | Type IV
CID | N/2+1 | (N+1)/2 N/2 (N+1)/2

crp N N N -1 N
cIp N N N N
M N
X
Overlapping
X 7 parts

y Filter DFT
coefficients

Discarded | ]:W/ Y,

parts .
y i |

Figure 2.5: Overlap-save method.

be efficiently implemented using FC with much lower complexity than in the
time-domain [13,127-129]. The most widely-used techniques are the OLS
and overlap-add (OLA) methods which employ the DFT and IDFT [3]. The
number of multiplications per sample is the same for both methods, but the
former requires slightly less additions per sample than the latter. Thus, the
OLS method is more common to implement.

The main idea of the OLS method, shown in Fig. 2.5, is that the input
signal is divided into overlapping segments x,,(n) = x(n + mM), n =
0,1,...,N — 1, where m is a segment index and the overlapping part is
N — M. Then, for each segment, the following computations are carried out.

1. The segment x,, is transformed via an N-point DFT.

2. The DFT coefficients X, (k) are multiplied by the filter DFT bins H (k).

25



2 Basics of Digital Filters and Filter Banks

H(0)

1 %0 Xm(0) Y (0)
x(n) M —= >
Z H(

Xm(1) Xm (1) |(\) Yo (1)

.| FFT |, V- IFFT
H(N - 1)

Xm(N = DN Ym(N — 1

L~

Figure 2.6: FIR filter frequency-domain implementation using the OLS method.

3. An N-point inverse discrete Fourier transform (IDFT) is computed.

4. The first N — M samples of the resulting block are discarded, so that
the output segments of length M are no longer overlapping.

5. The output sequence is obtained by concatenating the resulting seg-
ments as y(n) =~ ym(n — mM).

The FIR filter frequency-domain implementation using the OLS method is
shown in Fig. 2.6.

In classical OLS filtering, the system is intended to be time-invariant, i.e.,
the aliasing error is zero. In this case, the DFT coefficients H (k) of an FIR
filter correspond to the N-point DFT of the impulse response h(n) of length
L, designed by any of the available methods [4]. This means h(n) = 0 for
n=2~L,..,N—1, where L=N — M + 1.

However, for the frequency-sampling-based design method, the filter DFT
coefficients H (k) are directly obtained by sampling the desired frequency
response, and the impulse response h(n) is obtained by the IDFT of H(k),
resulting in a non-zero tail for n = L,..., N — 1. In this case, the overall
system becomes time-varying, and an aliasing error occurs [50,129]. This
error cannot be cancelled but can be controlled during the design process
by optimizing the transition band samples V (1), r =k — k1 =0,..., ko — ki,
to meet the desired specification. This is discussed in Papers D and E for
VDFs.

Complexity of Frequency-Domain Realizations. The total imple-
mentation complexity of FIR filter frequency-domain implementations is
typically expressed as the number of computations per output sample and
consists of two parts, namely, DFT/IDFT computing and the multiplications
by the filter DFT coefficients. For the OLS technique with M output samples,
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the complexity is given in terms of multiplication rate REP and addition rate
RED per output sample as

2CDFT 4 O

FD
_ 2.32
RY! i : (2.32)
9 DFT %%
RFD = % (2.33)

respectively, where CBFT and CEF T are the numbers of multiplications
and additions for the DFT/IDFT, and C)V and C)V are the numbers of
multiplications and additions for weighting by the DFT filter coefficient
H(k), k=0,1,...,N —1.

The DFT and IDFT can be efficiently implemented using the fast Fourier
transform (FFT) and its inverse (IFFT). The complexity of FFT/IFFT
depends on two factors, namely, the type of the FFT algorithm and whether
the complex multiplications are implemented with three real multiplications
and three real additions (referred as the 3/3 algorithm) or with four real
multiplications and two real additions (referred as the 4/2 algorithm) [130].
A complex addition requires two real additions. Then, assuming the split-
radix FFT algorithm is implemented together with the 3/3 algorithm for a
real-valued sequence z,,(n) of length N = 29, the complexity of FFT/IFFT
is given by

CPFT — (1/2)Nlogy N — (3/2)N + 2, (2.34)
CPFT — (3/2)Nlogy N — (5/2)N + 4. (2.35)

Further, considering that h(n) is real-valued, the DFT coefficients of z,(n)
and h(n) are conjugate symmetric, and thus only half of the multiplications
needs to be carried out. Then, weighting by H (k) requires® CY = CWV =
3N/2, and thus the total implementation complexity of an OLS-based FIR
filter is

Nlogy N — (3/2)N + 4

RED — i , (2.36)
Nlogy N — (7/2)N
gD — 3N 108 MW IN+8 (2.37)

5For real-valued sequences, Hermitian symmetry reduces the number of independent
frequency bins to |[N/2] 4+ 1. Using the 3/3 algorithm, this gives approximately 3N /2 real
multiplications and additions, with minor deviation depending on whether N is even or
odd, which is negligeable when computing the complexity per output sample for relatively
big M.
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2.1.5 Finite Word Length Effects

In practical digital filters, their coefficients and the processed signals must be
represented with a finite number of bits. Therefore, floating-point coefficients
are quantized and the internal word length of the filters is analyzed to ensure
that the quantization errors, roundoff noise, and possible overflow effects
remains within acceptable limits. This phase in the digital filter design
process is commonly referred to as finite word length analysis [116,117].

Fixed-Point Representation

Many implementation strategies generally assume fixed-point two’s comple-
mentary number representation due to its advantages in hardware implemen-
tation, including handling signed numbers and temporary overflow. This
representation is given by

w-1 '
T =—x0+ Z 27", (2.38)
=1

where W is the word length, i.e., the number of bits used to represent the
number, xg represents the sign bit, x; are the fractional bits, i =1,..., W —1,
and z € [~1,1 —27"~1] is the normalized (fractional) two’s complement
representation.b

Coefficient Quantization

The use of fixed-point arithmetic requires quantizing all coefficients and data
sequence values within a finite word length. Generally, one needs to obtain
as few total bits as possible to reduce the power consumption of the resulting
system [116].

Compared to infinite-precision frequency response H(e/“T) discussed in
Section 2.1.3, quantization of FIR filter coefficients primarily results in slight
deviations of the passband and stopband characteristics, i.e., in a modified
frequency response Hg(e/*T) and corresponding transfer function Hy(z) [122].
Therefore, it is common to set a level of the specification degradation due to
the quantization of the filter coefficients. Then, following the optimization
problem in (2.15), the filter coefficients word length can be obtained to meet
the specified criteria

|Ho(eT) — Hyes (T < k6p,  wT € [0,wT),

r (2.39)
|Hy(e?")| < ks, wT' € [wsT, 7],

SFor convenience, numbers are typically normalized to the range [-1,1).
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with the desired passband and stopband ripples defined as kd, and kds,
respectively, and k being the degradation tolerance.”

Integer Linear Programming

An alternative approach to the analysis of the finite word length effect after
designing a floating-point filter is to directly design the filter coefficients
as integers. This approach is commonly referred to as integer linear pro-
gramming [131]. The main idea is to formulate the filter design problem as
an optimization problem with integer constraints on the filter coefficients.
This approach can simplify the design process, allowing for the direct con-
trol of the coefficients’ word length. However, this approach possesses high
computational complexity and cannot be used for cascaded filters. Thus,
in many cases, including the one in Paper B, the word length analysis is
carried out using the approach presented in Fig. 2.1, i.e., by first designing a
floating-point filter and then analyzing the finite word length effect through
coefficients rounding.

Data Quantization

Data quantization generally involves quantization of the input signal and
results of the internal operations. The former is commonly analyzed based
on analog-to-digital converter (ADC) quantization noise, and the latter is
evaluated using roundoff noise [116].

ADC quantization noise: The input signal to a digital filter can be
represented as

zq(n) = z(n) + e(n), (2.40)

where x(n) refers to the original (non-quantized) signal and e(n) denotes
the error due to the quantization in the preceding ADC. Typically, the
quantization noise is modeled as white noise with the variance o2 and zero
mean if uniform quantizer is considered [116]. For an ADC with Qapc bits,
o 2_2(QADC_1)/12. By propagation through the filter, the ADC noise
power at the output can be obtained as

2 ™
[ep i
oipc = o | (e ) 2d(wT). (2.41)

"In general, the degradation tolerance for the passband and stopband can be different.
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Roundoff noise: During filter computations using fixed-point implemen-
tations, arithmetic operations such as multiplications, additions, and sub-
tractions may produce results that must be quantized using rounding or
truncation to fit the available word length. Errors caused by either of the
quantization method are often referred to as rounding errors and appear as
roundoff noise [116]. Similar to the ADC quantization noise, any quantization
operation here can be represented as a sum of the corresponding input signal
and a noise source, modeled as white noise with zero mean and variance o2.
Since there are typically several quantization operations inside the filter, the
total roundoff noise at the output is obtained by summing the contributions
from all noise sources due to data quantization. This means that the variance

of the total noise is given by

M
oh = Z o2, (2.42)

where m is the index of the quantization operation, M is the total number
of quantization operations, and o2, represents the contribution of the mth
quantization operation. It can be computed as

oo
o =00 Y gm(n)|%, (2.43)
n=0

with ¢, (n) being the impulse response from the point where the quantization
is introduced to the output of the filter.
Thus, the total noise power at the filter output is

05 = o3pc + 05, (2.44)

The impact of data quantization depends on many factors, such as filter
structure and selected word length. If not properly controlled, these quanti-
zation errors result in a severe degradation of the signal-to-noise ratio (SNR)
at the output of the filter. For this reason, an analysis on the finite word
length effect is an important step in digital filter design process.

2.1.6 Digital Differentiators

Digital differentiators find their applications in various domains including
communication systems and speech processing. This type of digital filters
can be used as a part of systems for bandwidth extension and signal quality
enhancement by compensating channel distortion and mitigating intersymbol
interference [116,132].
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The desired frequency response for a causal digital differentiator of order
Np is given by [133]

Daes(jwT) = e 9«TND/2( )k (2.45)
for |wT'| < w.T < 7 with k determining the degree of the differentiator.

For design of a digital differentiator, linear-phase FIR filters can be used.
Thus, the frequency response of the differentiator can be written as [133]

H(eij) _ {

where the function Hr(wT') is real-valued. Using (2.45) and (2.46), one can
design a digital differentiator by minimizing the error between the desired and
actual responses in the minimax sense or LS sense using a similar approach
as for a linear-phase FIR filter design mentioned in Section 2.1.3.

e*j‘*’TND/zHR(WT% for Type I and II,

' 2.46
je 3wTND/2 H(wT), for Type III and IV, (2.46)

2.2 Multirate Systems and Filter Banks

In multirate systems, the sampling rate is changed during the signal pro-
cessing. Many DSP applications, for example communications and audio
processing, utilize multirate techniques because their use can simplify and re-
duce computational complexity. Variable digital filters can also be efficiently
implemented using these techniques. Thus, this chapter gives an introduction
to basic elements of multirate systems and filter banks, which can be used to
analyze and design time-varying systems as discussed in Papers D and E.

2.2.1 Basic Multirate Operations

Generally, different parts of multirate systems operate at different sampling
frequencies, and thus an essential part of these systems is sampling rate
conversion, which employs the fundamental operations of multirate DSP,
namely interpolation and decimation.

Interpolation. Interpolation generates a new sequence with a higher
sampling frequency, while maintaining the original signal information. For
interpolation with an integer factor L, this is a two-stage process, which
consists of upsampling following by filtering as shown in Fig. 2.7a. The first
stage, upsampling by a factor of L, inserts L — 1 zeros between each input
sample pair, i.e., a new signal z1(m) formed from z(n) is expressed as [122]

£1(m) = (%), m=0,+L,+2L,..., (2.47)
0, otherwise,
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x1(m) y1(m)
x(n) —{ TL H(Z) — y(m) x(m)—H(z) M y(n)
Upsarilpling Interpolation Decirﬁation Downsampling
filter filter
(a) Interpolation by a factor L. (b) Decimation by a factor M.

Figure 2.7: Principle of interpolation and decimation.

x(n) x,(m)
I T ? n I o—0 0—0 o—o—T—o—oJ— m
(a) Sequence z(n). (b) Sequence x1(m).

Figure 2.8: Illustration of upsampling by a factor L = 3 in the time domain.

(7N RACEID]
T wT;
- 0 T - _T 0 = T
3 3
(a) Spectrum magnitude of z(n). (b) Spectrum magnitude of x1(n).

Figure 2.9: Ilustration of upsampling by a factor L = 3 in the frequency domain.

where L > 1. In the frequency domain, the Fourier transform of x1(m) is
given by
X (e7T1) = X (e7T/1) = X (97) = X (e?T1E), (2.48)

where T" and 177 = T'/ L are the sampling periods before and after upsampling,
respectively. The corresponding z-transform is

X1(2) = X(25). (2.49)
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Mlustrations of upsampling by a factor of L = 3 in the time domain and in
the frequency domain are shown in Figs. 2.8 and 2.9, respectively.

In the second stage, an interpolation filter is used to remove images
created due to upsampling. Ideally, it is a lowpass with cutoff frequency = /L.
The output signal y(n) is obtained as a convolution between z1(n) and the
filter impulse response h(n).

Decimation. Decimation by an integer factor M, shown in Fig. 2.7b,
is also a two-stage process, consisting of filtering followed by downsampling.
The filter, which is ideally a lowpass with cutoff frequency 7/M, ensures
that the signal being decimated is bandlimited to avoid aliasing. Further,
downsampling reduces the sampling rate by a factor of M by extracting every
Mth value of the signal, i.e., the output signal y(n) is obtained from y;(m),
which is a result of convolution between the input signal z(n) and the filter
impulse response h(n), as

y(n) = y1(Mn). (2.50)

In the frequency domain, downsampling is expressed as

M-1
Y eij i Yl wT—27rm)/M)
M m=0
1 M-1 ‘
= Vi (ef T 2mm /M)y (2.51)
m=0

where 177 and T' = M1} are the sampling periods before and after downsam-
pling, respectively. The corresponding z-transform is

M-1

1
=7 2 MWD, (2.52)

where W73} = e~32mm/M [1929]. Thus, the output signal spectrum is the sum
of M stretched and shifted versions of Y;(e/“71).

Sampling rate conversion by a rational factor L/M, where both L and
M are integers, can be realized by combining interpolation and decimation
[116,122]. However, when L and M are large, i.e., the rational factor is close
to unity, this approach can be computationally inefficient. In this case, the
Farrow-structure-based interpolators are typically used [92,93,95], which will
be discussed in Chapter 3.

33



2 Basics of Digital Filters and Filter Banks

Analysis filters Synthesis filters
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Figure 2.10: M-channel maximally decimated filter bank.

2.2.2 Filter Banks

A system of digital filters with a common input and/or common output,
capable of processing various bands of a signal separately, is referred to as a
FB. One special type of FBs is an M-channel maximally decimated FB, which
is shown in Fig. 2.10. It contains the analysis bank of M filters G(z), which
splits the input signal z(n) into M subband signals zi(n), k =0,..., M — 1,
downsamplers by M, upsamplers by M, and the synthesis bank of M filters
F}(z), which recombine the signals to produce &(n). The downsampled signals
vi(€) can be processed individually, which is required in many applications, for
instance, subband coding in audio processing [122], channelization in wireless
communication systems [40,50,124,134], and hearing aid devices [29,37,135].
The z-transform of v (¢) is given by

M-—1
Vi(z) = % S GR(M W) X (M ), (2.53)

m=0

while the output of the FB is expressed as

R 1 M—-1 M—-1
X(2) =37 Z_OX(sz) kz_:o Gr(zW™)Fy(2). (2.54)

This input-output relation can be expressed as

R M-1
X(z) = Ap(2) X (W), (2.55)

3
I
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where

M—
Z (zW™)Fy(2), (2.56)
k=0

with Ag(z) being the distortion function and A,,(z) being the aliasing func-
tions for m = 1,..., M — 1. The term X (zW™) is referred to as the mth
aliasing term with the gain A,,(z) [122]. For a perfect reconstruction (PR)
FB, i.e., when & = cx(n — ng) for some constant ¢ # 0 and delay ng, the
distortion and aliasing functions must satisfy

Ap(z) =cz™™, Ap(z)=0 form=1,...,M —1. (2.57)

For non-maximally decimated FBs, the number of subbands is greater
than the downsampling and upsampling factors (N > M), and the functions
A (2) in (2.55) are given by [122]

H(ZW™) Fy(2). (2.58)

MZ

k:

This is commonly used when realizing a so called fast-convolution filter bank
(FCFB) [21,50,136], as will be discussed in Section 3.3.

For modulated FBs, design starts from design of a prototype filter, for
example using the techniques described in Section 2.1.3. Then all the filters
involved in the FB can be expressed in terms of the prototype filter to satisfy
certain criteria [122].

Linear Periodically Time-Varying Systems. In practice, the filters
Gi(z) and Fy(z) are not ideal, i.e., the transition band and stopband gain are
non-zero, therefore this can results in aliasing. Unless it is canceled, a general
FB with N channels and M-fold downsamplers and upsamplers corresponds
to an LPTV system with period M [122,137]. The output of such a system
is given by

Q-1
hn(‘])x(n - Q)v (259)
q=0

where @ is the length of the M-periodic impulse response hy,(q) = hpyar(q),
n=0,...,M —1.

Design of LPTV systems has to include measuring distortion function
and aliasing functions, or analysis of periodically time-varying impulse
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Analysis filters Synthesis filters

Figure 2.11: Multirate FB representation of the system in Fig. 2.6.
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Figure 2.12: PTVIR representation of the system in Fig. 2.11.

response (PTVIR) representation which corresponds to a set of M time-
invariant impulse responses h,(q) and their corresponding frequency responses
H,(e/*T) [129,137-139].

For the first approach, one should ensure that A,,(z) = 0 for m =
1,...,M —11in (2.58). To achieve PR, the aliasing and distortion functions
must satisfy (2.57). The second approach is commonly used for design of
LPTV FIR filters, when aliasing cannot be canceled but can be suppressed to
any desired level though a proper design. In this case, the system in Fig. 2.6
can be represented as an equivalent N-channel FB with the multiplication
by H(k) between the M-fold downsampler and upsampler in every branch k,
k=0,...,N —1, as shown in Fig. 2.11. Then, the frequency responses of
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the analysis and synthesis filters are given as [129]

M—-1
Gk(eij) _ Z €j27r(n+1)k/Ne—ijn (2.60)
n=0
and

N-1
Z eij(n—M)k/Ne—ijn’ (261)

n=0

. 1
F JwT _

W) =5
respectively. This N-channel FB with M-fold downsampling and upsampling
can be represented as an equivalent PTVIR system, shown in Fig. 2.12, with
the M time-invariant filters H,(e/“T), given by [129]

N—
Hy(2) = 27" ) H(k)Gy(2) Frn ("), (2.62)
k=0

—_

where Fj,(z) is the so called polyphase component of Fj(z) being defined
as [122]

M-1
Fr(z) = Y 2 "Frn(2Y). (2.63)

n=0

The distortion and aliasing functions in (2.55) can be expressed in terms of
H,(z) as [129]

M-1
Ap(2) = % S H (W)W (2.64)

n=0

This means that the distortion function Ag(z) is the average of the M
filter transfer functions H,(z) while each aliasing function is the average of
frequency-shifted and rotated versions of H,,(z). Thus, to design an LPTV
FIR filter (or a corresponding multirate FB representation) by suppressing
aliasing to a desired level, each of the responses Hn(ej“’T) should approximate
the desired frequency response H(e/“T) of the overall system.
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Chapter 3

Variable Digital Filters

This chapter gives an introduction to VDFs and presents a review of the
most common types of VDFs.

3.1 Introduction

Due to the increasing demand for computational complexity reduction while
preserving flexibility, reconfigurable systems are getting more attention in
the contemporary world of technologies. For instance, recent communication
standards require flexible, adaptive systems capable of real-time frequency-
domain tuning [140,141]. Such requirements can be fulfilled by means of
VDFs. The key feature of VDFs is that they require only an adjustment of
one or a few parameters to change their characteristics, without the need for
extensive additional computations. Compared to regular digital filters, which
require recomputing all coefficients for every new specification, i.e., online
filter design using one of the methods mentioned in Section 2.1.3, generally
leading to high computational complexity, most coefficients in VDFs are fixed
after the initial design. This allows efficient hardware implementation and
makes VDFs essential for many modern adaptive technologies, for example
in communication systems [30, 31, 33, 39, 45, 47, 48, 50, 142] and medicine
[26,37,44,143].

Research on VDFs emerged in the 1970s [65]. The first methods for
designing VDFs were mainly for lowpass digital filters with variable cutoff and
center frequencies based on spectral transformations applied to a prototype
linear-phase lowpass FIR filter [67,72,74]. Further, this approach was
developed and extended to bandpass filters [69,71]. For design of variable IIR
filters, allpass transformations were utilized to transform a lowpass prototype
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filter to the desired frequency-selective filters [70,73,144]. However, in most
cases, transformation-based methods appeared to suffer from some inherent
limitations and high computational cost.

Alternative methods, which are more general and based on spectral pa-
rameter approximation, were introduced later [63,64,66]. The main idea
consists of representing the impulse responses or the poles and zeros as
polynomials of the variable spectral parameters and a set of constant co-
efficients. This approach allowed continuous tuning of VDFs directly by
the spectral parameters with the reduced implementation complexity com-
pared to the transformation-based methods. Further, it was shown that
VDFs can be efficiently implemented based on the Farrow structure [68].
This has led to the growth of research works on FIR VDFs due to their
simple design procedures and good filter properties [61,62,145], especially
digital FIR filters with adjustable fractional delay received considerable at-
tention [27,28,31,32,38,41,53,54,61,145-147]. Later, the Farrow structure
was also utilized in digital filters with adjustable bandwidth [30,39,44,46, 58]
and for simultaneously variable bandwidth and fractional delay [51,59].

In addition to the transformation-based and spectral parameter approxi-
mation based methods, many other approaches have been proposed for some
specific applications. Among these, frequency response masking techniques
and filter banks were utilized to design VDFs with a sharp transition band
or a channelizer with the ability to control different bands separately in real
time [29,33,37,39,40,45,49, 50,52, 56].

In the thesis contributions, the proposed FIR VDFs are mainly based on
the Farrow structure and/or are compared to existing solutions based on this
structure or FB-based structures. Therefore, these two types of VDFs are
discussed in more detail below.

3.2 Farrow-Based Variable Digital Filters

The Farrow structure [68] has received great attention in realizing VDFs
as it allows to achieve an efficient realization of fine tunability with small
computational overhead, especially for filters with VFD [27,31-33, 38,41, 51,
53,54,61,145] and VBW [24,30,34,39,43-46,51,58,143,148]. In this technique,
the overall transfer function is expressed as a weighted linear combination
of L 4 1 fixed filters, commonly referred to as subfilters. A realization of a
Farrow-based VDF is shown in Fig. 3.1. Due to fewer multiplications and
inherent stability, linear-phase FIR filters are generally the basic elements of
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x(n)

Figure 3.1: Farrow-based realization of a VDF with the variable parameter d.

VDEFs. Thus, the overall frequency response is given by

L
H(e™T d) = d"Hy(e™7), (3.1)
k=0

where Hy(e/“T) are typically linear-phase FIR filters of order Ny, and d is a
variable parameter that can directly determine, for example, the fractional
delay or bandwidth.

Design of Farrow-based VDFs with the overall frequency response H (e/“7, d)
can be carried out by approximating the desired frequency response, for ex-
ample, in the minimax sense [24,58,145] or in the LS sense [57].

The implementation complexity of Farrow-based VDFs consists of the
complexity of the fixed part, represented by L + 1 subfilters Hy(z) with
constant coefficients, and the variable part, i.e., L general multiplications
by the variable coefficient d. Further, to compute the output y(n) after the
multiplications by d, L additions are needed. Thus, the total complexity can
be expressed in terms of fixed multiplications C,t, variable multiplications
Chv, and additions C, given by

L
Cf = Z Chaf ks (3.2)
k=0
Coy = L, (3.3)
L
Ca=L+» Ca, (3.4)
k=0

where Cyyt, and Cy are the numbers of fixed multiplications and additions
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O (wT,d)

Np
(T, d) = —wT (7 + d)

Figure 3.2: Illustration of the VFD filter phase response.

per subfilter k, which depend on the linear-phase FIR filter type as follows

Nk/2+17 Type Iv

Cmtr =< (N, +1)/2, Type Il or IV, (3.5)
Nk /2, Type III,
Ng, Type I, 11, or IV,
Cak = (3.6)
N —1, Type IIL

Further complexity reduction can be carried out by implementing constant
multiplications very efficiently using various techniques for constant multipli-
cations [11-13,17,75].

3.2.1 Variable-Fractional-Delay Filters

Digital filters capable of dynamically adjusting a delay that is a fraction
of a sample period are referred to as VFD filters. They find applications
in telecommunications, audio processing, control systems, and other fields
[27,28,31-33,38,41,54, 61,149, 150].

The desired frequency response and phase response of a VFD filter are
given by [145]

Faes(€7 d) = e 79TWNE/24d) 7| < T < 7 (3.7)
and
Dyes(wWT,d) = —wT(Np/2+d), |wT|<wT < (3.8)

respectively, where w.T" is the passband edge, N is the filter order, and
d € [-1/2,1/2] is a variable fractional delay. Illustration of the phase response
of a VFD filter, controllable by the variable parameter d, is shown in Fig. 3.2.
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Farrow-based VFD filters are typically realized as a linear combination
of differentiators [38,51,54,61]. This realization, which is shown in Fig. 3.1,
has received great attention due to low implementation complexity. The
frequency response of a Farrow-structure-based VFD filter is expressed as
in (3.1), where each Hy(e’“T) approximates a differentiator of kth degree
and order Ny, , which should preferably be even since this choice results
in a lower implementation complexity for the overall VFD filter due to a
pure delay in the first branch compared to the odd-order case [145]. Thus,
the subfilters Hy(e/*T) are of Type I or Type III linear-phase filters with
symmetric (for even k) or antisymmetric (for odd k) impulse responses hy(n),
ie., hg(n) = hi(Ng, —n) and hy(n) = —hg(Ng, —n) for even and odd &,
respectively. They can be of different orders, therefore an additional delay
(Nr — Ng, )/2 has to be introduced in a corresponding branch k with lower
order to have the same delay Np/2 in every branch, where the overall filter
order Ny is given by

NF = m]?X{NHk} (39)

The subfilters’ frequency responses can be written as

Hk(ej“’T) = {

e_ijNHk/QFRk(wT), k even,

. 3.10
jeICTNm 2 Fr (WT),  k odd, (3.10)

where Fry(wT') should approximate the desired function Fry ges(wT’), given
by
(—jwT)*

FRides(wT') = { oy
gt

k even,

3.11
.k odd. (3.11)

The frequency response H(e/“” d) in (3.1) should approximate the desired
response Fyes(e/“T,d) in (3.7).

The implementation complexity is here computed as in (3.2)—(3.4), con-
sidering that the differentiators can be of different orders Ng, . To further
reduce the complexity, different modifications of the Farrow structure have
been introduced [27,32,53,54]. VFD filters can be designed using the win-
dowing method [151], weighted least squares (WLS) method [32,38,54,57],
and minimax optimization algorithms [38, 53, 145].

3.2.2 Variable Equalizers

Variable equalizers (VEs) allow to adjust the equalization frequency response
by controlling one or a few parameters. This type of digital filters has been
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N . Lowpass
x(n) AFE ADC Equalizer Filter | y(n)
H.(jwT, €) He(e/°T,¢) Hyp(el®T)

Figure 3.3: Principle of frequency response equalization using a variable equalizer.

utilized mainly in acoustic signal processing for audio equalization with gain
as a variable parameter [152,153]. Although an equalizer is an essential part
of communication systems, to the best of the author’s knowledge, VEs have
not been extensively explored in this context.

The basic principle of the AFE equalization in communication systems is
illustrated in Fig. 3.3. The analog input signal is assumed to be bandlimited
to we < m/T, where T' denotes the sampling period. The channel frequency
response of the AFE circuits and the following ADC® generally distort and
attenuate the signal within the band of interest [0, weT].

The desired frequency response after channel equalization is given by
efj“’T%, wT € [0,wT7,

(3.12)
0, wT € [wsT, 7],

Hce,des(€]UJT) = {
where Ng is the equalizer order. To recover the original input signal and
achieve the desired response in (3.12), it is needed to equalize the channel
frequency response H.(jwT,e), which can vary depending on the variable
parameter? ¢ € [Emins Emax|- Generally, a lowpass filter is combined with
the equalizer in order to remove out-of-band noise and aliasing after the
ADC [154,155]. Thus, to design a VE with the frequency response He(e/“T ¢),
the resulting response He.(e/“T,¢), given by

Heo(jwT,e) = Ho(jwT,e)He(e’“T, &) Hyp (e/“T), (3.13)

with a lowpass filter response HLp(ej“T), should approximate HCB’deS(e]'“T).

A VE can be realized based on the Farrow structure using digital differ-
entiators as proposed in Paper A. Then, the VE frequency response in the
simplest case [34] is given by

Ho(e?%T g) = e IWTNE/2 4 oDy (79T, (3.14)

8Some papers include the ADC in the AFE while some papers do not. Here, the AFE
and ADC are considered as separate blocks.

°For a higher-order polynomial channel models, several variable parameters for the
corresponding VE may be required as proposed in Paper A.
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(a) Mlustration of the VE magnitude re-
sponse. b) VE Farrow-based realization.
P (

Figure 3.4: Tllustration of the VE magnitude response and its Farrow-based realiza-
tion, controllable by the variable parameter .

with D;(e/“T) being a fixed Type III linear-phase FIR filter with antisymmet-
ric impulse response that should approximate the first-degree differentiator
frequency response Dj ges(jwT) = ije*j“TNE/ 2. The illustration of the
variable equalization and the VE Farrow-based realization are shown in
Figs. 3.4a and 3.4b, respectively.

VE can be designed in a similar way as VFD filters as their realization
also can consist of digital differentiators of different degrees. This is explained
in Paper A.

3.2.3 Variable-Bandwidth Filters

Digital filters whose bandwidth can be controlled by tuning a single parameter
b are referred to as VBW filters. The are required in many DSP applications,
for example, spectrum sensing in cognitive radio [39] and adjusting the
bandwidth of interest for amplification in hearing aid devices [46]. The
desired frequency response of a VBW lowpass filter is given by

e~ wTNe/2 T e 0,0 —A/2],

(3.15)
0, wT €b+ A/2,7],

Gdes(ejWTy b) = {

where the filter order Ng is preferably even!® b € [b;,b,] is the center of
the fixed transition band A, whereas w.I' = b — A/2 and wT = b+ A/2
represent variable passband and stopband edges, respectively.

19The assumption on an even filter order gives an integer group delay, as outlined in
Section 2.1.1.
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0

b, bb, by
(a) Illustration of the VBW filter
magnitude response. (b) VBW filter Farrow-based realization.

Figure 3.5: Illustration of the VBW lowpass filter magnitude response and its
Farrow-based realization, controllable by the variable parameter b.

The overall frequency response G(e/“T b) of a Farrow-based VBW filter
is given by

P
G(7T,0) = (b —bo)PGp(e™T), (3.16)
p=0

where the subfilters Gp(eij) are generally Type I linear-phase FIR filters
(see Footnote 10) of order Ng,. Typically, the subfilters for a VBW filter
are chosen to have the same order, i.e., Ng, = Ng, since the use of different
orders will not bring significant reduction in complexity but complicate the
design [60]. For obtaining a more balanced structure with smaller filter
coefficients, the selection by = (b; + b, )/2 tends to make the filter coefficients
smaller in magnitude as well as enables one to find a lower bound on the
filter order required to meet a given specification [156]. Moreover, for b = by,
G (79T by) = Go(e?*T) is a regular lowpass filter with passband and stopband
edges at bp—A /2 and bg+A /2, respectively. The frequency response G(e/“T, b)
in (3.16) should approximate the desired response Gqes(e/7,b) in (3.15). An
illustration of a VBW lowpass filter magnitude response and its Farrow-based
realization are shown in Figs. 3.5a and 3.5b, respectively.

VBW filters are typically designed using minimax optimization [156] or
using the WLS method [63]. The implementation complexity of a Farrow-
based VBW filter is computed as in (3.2)—(3.4), considering that the subfilters
G)p(z) are of the same order Ng.
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3.3 Filter-Bank-Based Variable Digital Filters

For some applications, e.g., when a sharp transition band is required and
Farrow-based VDFs may cause high computational complexity per sample or
for flexible channelization of wireless communication systems, VDFs can be
realized based on a FB. There are two common FB-based approaches that
have received great attention: based on a fast filter bank (FFB) and based
on a FCFB.

3.3.1 Fast Filter Banks

FFBs are referred to as an efficient realization of filter banks based on the
sliding FFT [157], which itself is a recursive realization of the DFT [118].
FFBs are typically organized in a tree structure FB, i.e., a multistage FB,
where the filters in each stage split the signal further into two or three
channels [56,157].

In FFB-based VDFs, an input signal is split into subbands by an analysis
FFB as shown in Fig. 3.6, and each band can be processed independently.
For example, a discretely tunable bandwidth can be realized in a simple way
by combining different bands or discarding the bands outside the desired
passband as shown in Fig. 3.7 for N = 8 channels [56]. Additionally, to make
continuous variability of the bandwidth, shaping bandpass filters need to be
introduced in the realizations [49,52,56,134]. Thus, the overall computational
complexity of an FFB-based VBW filter consists of the FFB implementation,
shaping filter implementation, and implementation of band shifting [56]. A
variable fractional delay can be realized as a variable phase shift in each
subband, resulting in the desired phase shift [52].

In this technique, one can implement simultaneously many filters with
different center frequencies, resulting in reduced computational complexity
per subband. This approach significantly reduces computational costs, par-
ticularly when compared to Farrow-based structures for very sharp transition
bands [56,134] and for two variable parameters [49,52]. FFB-based VFDs are
generally designed based on a prototype filter for every stage and a shaping
filter [49,52,56,134].

Applications of the FFB-based VDFs also include spectrum sensing and
channelization of wireless communication systems, where compatibility of
channelizers with different standards is required [134].

This type of VDFs is used in Paper C for comparison with the proposed
frequency-domain implementations.
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Figure 3.6: N-channel FFB.
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Figure 3.7: Magnitude response of a discretely tunable FFB-based VBW filter.

3.3.2 Fast-Convolution-Based Filter Banks

Another approach for efficient implementation of VDFs is based on FCFB [50],
which is widely applied in realizing multiplexers for spectrum sensing and
dynamic spectrum allocation in wireless communication systems [40,158,159].
The main idea of this method is based on combination of the frequency-
domain implementation of FIR filters based on the OLS technique, described
in Section 2.1.4, and individual subband processing using FBs, mentioned in
Section 2.2.2, that together form a multirate version of fast convolution. In
the structure shown in Fig. 3.8 [50], after taking the FFT of an input signal
of length N with overlapped block processing, the signal frequency bins are
split into blocks of length Ly, k =1,..., M, and each of them is multiplied
by the corresponding band weights (filter DFT coefficients). Each subband
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Figure 3.8: Fast-convolution based flexible analysis FB [50].

can be easily configured for unequal bandwidths, different center frequencies,
and adjustable sampling rates Ry = N/Ly, determined by changing the IFFT
length L; and the corresponding subband filter bandwidth. The latter can
be easily performed without additional computations, because the fact that
these filters are designed based on the frequency sampling method, when the
passband and stopband values are set as ones and zeros, respectively, and
only the transition band values need to be optimized during the FB design,
allows to vary the passband and stopband width by inserting or removing
ones or zeros, respectively, while keeping the transition band fixed [50].

Based on the idea from FCFB-based VDFs, an approach for VBW filter
design by optimizing the frequency bins directly in the frequency domain
is proposed in Papers D and E. Paper D investigates a hybrid of frequency
sampling and minimax optimization method, while Paper E proposes a
closed-form LS solution.
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Chapter 4

Sampling Clocks
Synchronization

This chapter discusses synchronization errors occurring in communication
systems, primarily the problem of sampling clocks synchronization is high-
lighted.

4.1 Overview of Synchronization Errors

In practical implementations of digital communication systems, perfect syn-
chronization between the transmitter and receiver cannot be guaranteed
because each device is driven by its own independent internal clock. Con-
sequently, to ensure reliable signal transmission, accurate synchronization
techniques of the overall system are essential. In general, synchronization
problems can be categorized into global transmitter-receiver synchroniza-
tion and intra-node synchronization. The first category deals with mis-
matches between transmitter and receiver clocks for a point-to-point sce-
nario [77,79,81,85,87,91, 160, 161] or in distributed systems where the
synchronization problem is escalated to multi-node synchronization (e.g., in
bistatic integrated sensing and communication (ISAC) systems [83,84] or
wireless acoustic sensor networks (WASN) [162,163]). The second category of
the synchronization problems addresses relative mismatches between parallel
branches within a single receiver, e.g., relative timing, phase, and frequency-
response misalignment between branches, affecting further multi-channel
processing algorithms. This problem can occur, for example, in multiple RF
chains in multiple input multiple output (MIMO) systems [164, 165].

Many applications utilize orthogonal frequency division multiplexing
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(OFDM), especially in wireless communications. Although OFDM systems
have many advantages including their high spectral efficiency, flexibility in
resource allocation, and capability of performing simple channel equalization,
these systems are sensitive to synchronization errors. For this reason, many
research directions have been investigating the synchronization issues of
OFDM systems [77-79,81-91,93, 164, 166-178]. However, the problem of
timing and frequency synchronization is also a key challenge in systems
utilizing other waveforms, e.g., in FB multi-carrier systems [94] and single-
carrier systems [174,179,180].

The synchronization process at the receiver is typically split into two
major stages, namely, initial (coarse) synchronization and refinement of
the residual offsets [167,181]. While the first stage consists of detecting
the presence of the signal and frame synchronization, fine synchronization
deals with estimation and compensation of the residual error. In practice,
these residual impairments originate from different sources. Mismatches
between the transmitter and receiver carrier generators produce a carrier
frequency offset (CFO), while mismatches between sampling clocks leads to
a SFO. In addition to these deterministic discrepancies, both impairments
are further influenced by oscillator fluctuations such as phase noise and clock
jitter, leading to frequency offsets varying with time. The impact of these
mismatches has been analyzed in [77,78,92,178,182,183], highlighting the
overall system performance degradation and the need for estimation and
compensation of these discrepancies.

The focus of this thesis is particularly SFO, and thus, the major part of
this chapter is devoted to estimation and compensation techniques for this
discrepancy. However, many research works study SFO together with CFO
due to their interrelated effects, especially for OFDM systems [77,86-91].
Therefore, a brief introduction to CFO is also given here.

4.2 Sampling Frequency Offset

In communication systems, the sampling clock differences can occur between
the transmitter and receiver, i.e., between digital-to-analog converter (DAC)
and ADC, or within a single receiver, e.g., between parallel ADCs. Regardless
of the scenario, the mismatches between sampling frequencies result in a SFO
problem, which requires two signals to be synchronized.

SFO is particularly important to mitigate in many applications, especially
in modern high-speed and wide-band communication systems, where the use
of large signal bandwidth necessitates very high sampling rates, and thus even
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Figure 4.1: SFO problem for two ADCs sampled as slightly different frequencies.

tiny differences between sampling clocks lead to a noticeable accumulative
timing drift resulting in inter-carrier and inter-symbol interferences. In the
literature, the offset between sampling frequencies is also called sampling clock
offset [184], sampling timing offset [87], and sampling frequency deviation
[169].

4.2.1 Sampling Frequency Offset Impact
Let fo and f; be two slightly different sampling frequencies such that

fo
1+ A

fi = (4.1)
with fp being the reference frequency and A being the SFO, commonly
reported in parts per million (ppm), i.e., A ppm = A x 107%. Then, for a
general bandlimited continuous-time signal x,(t) sampled at these frequencies,
ie., t =n/fo and t = n/fi, the sampled signals can be expressed as

a(nT)7 (42)
(1 4+ AT + o), (4.3)

xo(n)

x1(n)

X
X

where T'=1/fp and 71 = (1 + A)T are the sampling periods of the reference
and distorted signals, respectively. Additionally, the fractional fixed STO, e,
is considered here because its presence may also affect the overall performance
[174], and it is generally difficult to maintain a perfect alignment of the initial
samples. An illustration of the SFO problem occurring in the case of two
ADCs is shown in Fig. 4.1. It is important to emphasize here that A is
typically fixed over time, but the time deviation nAT in z1(n) grows linearly
with time relative to the reference instances in xg(n). Furthermore, for many
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Figure 4.2: The impact of SFO and STO on the constellation diagrams of 1024
received 16-QAM symbols using a single carrier transmission with 80% occupied
bandwidth. Here, the SFO and STO are A = 100 ppm and e = 0.1, respectively.

samples or for a relatively large value of A, the overall time-domain deviation
may result in IST [180]. Figure 4.2 shows the impact of SFO and STO on
the constellation diagrams of 16-quadrature amplitude modulation (QAM)
symbols using a single carrier transmission with 80% occupied bandwidth.

For multi-carrier systems, the sampling clock differences result in ICI [185,
186]. For example, an OFDM baseband signal sampled with the frequency fi
instead of fy is given by [185]

z(n) = L Ngl skej%(HA)" (4.4)
VN k=—N/2

with IV being the number of subcarriers within the OFDM symbol, s; being
the complex symbol of the kth subcarrier, and it is assumed that cyclic prefix
(CP) has been removed.!! After taking the DFT of the received signal, the
¢th subcarrier can be expressed as [185]

"The presence of the channel and noise influence is omitted here.
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4.2 Sampling Frequency Offset

where ¢/ is the scaling and phase rotation coefficient for the fth subcarrier
given by

sin(wﬁA) N-1
Cop = Nsi(wm)ej v A, (4.6)

and ¢y, represents the ICI caused by SFO and given by

sin (7( — k(1 +4)) _jr¥o (i-p4a)) (4.7)

k= Nsin (B(0— k(1 + A)))

Note that in (a), the geometric sum property is applied [185].

In many research works on SFO estimation, only the SFO is considered,
without taking into account imperfect synchronization of the first sample.
Even though a fixed fractional time offset can be compensated later in the
equalization stages, the effect of STO is not negligible during the sampling
clock synchronization stage [166], including SFO estimation. An STO alone
introduces a phase shift 2wke/T, for each kth subcarrier of an OFDM
signal [166], where

1
Afsub

is the useful data duration with Afg, being the subcarrier spacing and
T =1/ fo being the sampling period. In the presence of both SFO and STO
considered, the received OFDM signal and its £th subcarrier can be expressed,
respectively, as

T, =

= NT (4.8)

N/2—1 -
27rk s
nin) == Y s N AR (4.9)
NszN/2
N/2-1
- 274 27rk
Xl(f)—SgCdejTu + Z SkCZkCJ Tu ©, (4.10)
k=—N/2
i,

In this case, the distortion coefficients ¢,y and ¢ are multiplied by the
additional phase shift due to STO, resulting in a more severe effect. Moreover,
the impact of both SFO and STO depends on the subcarrier index, i.e., each
subcarrier experiences a phase shift and an amplitude distortion growing
with the index ¢ along with the presence of the ICI from other subcarriers.
This explains why OFDM systems are typically sensitive to SFO. Figure 4.3
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Figure 4.3: The impact of SFO and STO on the constellation diagrams of 10 OFDM
symbols with 819 active subcarriers out of 1024 (80% occupied bandwidth) and
16-QAM data symbols. Here, the SFO and STO are A = 100 ppm and ¢ = 0.1,
respectively.
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Figure 4.4: The impact of SFO on the spectrum of an OFDM signal with 51 active
subcarriers out of 64 (80% occupied bandwidth). Here, A = 0.01, and the spectrum
is compressed relative to the central (zeroth) carrier frequency due to SFO.

shows the effect of SFO and STO on the constellation diagrams of 16—-QAM
signals transmitted using an OFDM modulation. The constellations highlight
the severe impact of both offsets and the importance of considering them
during the clock synchronization stage. Additionally, the OFDM spectrum
distortions due to SFO are presented in Fig. 4.4, showing that the spectrum
is compressed relative to the central (zeroth) carrier frequency. Since the
presence of STO results in subcarrier-dependent phase shift, it does not affect
the magnitude spectrum, and thus is not shown here.
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4.2 Sampling Frequency Offset

4.2.2 FEstimation Methods

The SFO estimation methods can be broadly categorized into frequency-
domain methods and time-domain methods. For the former, the estimation
is carried out using the signal representations in the frequency domain, and
majority of the methods target OFDM signals [80,83-86,89-91,94,173]. Since
SFO in OFDM systems appears as subcarrier-dependent phase rotations,
most of the methods exploit the phase differences among the subcarriers of
transmitted pilot-signals to estimate the phase shift [94,173]. Some methods
rely on blind estimation utilizing the correlation properties of the received
OFDM samples, i.e., they exploit second-order statistics to recognize the
sampling clock offset from the structured phase terms [170]. Although the
frequency-domain estimation methods are quite commonly used in many
applications, they have several drawbacks. Firstly, many frequency-domain
estimators assume SFO is small so that ICI is negligible. However, SFO occurs
in the time domain and in general destroys the orthogonality between the
subcarriers for multi-carrier systems after FF'T. This means that when SFO
is not sufficiently small, the pilot phases are contaminated by more severe
distortions, i.e., ICI, and not just amplitude and phase distortions. Secondly,
the other impairments such as CFO and phase offset (PO) also affect the pilot
phases, making it difficult to obtain accurate estimates of the SFO, unless
joint estimation methods are considered [77,86-91]. Thirdly, these methods
are carried out in the frequency domain, that results in complex-valued
computations for estimation, leading to higher computational complexity.

On the other hand, the time-domain methods perform estimation based
on time-domain sequences, and the existing methods can be applied for
different waveforms, including also OFDM signals [169] or any arbitrary
waveform [160]. In general, these methods utilize the timing drift occurred
due to SFO in their algorithms, that requires to use pilot signals [160] or
utilize the structure of CP as in OFDM signals [169]. Importantly, the
output of the time-domain estimators can directly be used in the time-
domain interpolators to compensate for the SFO, avoiding a feedback from
the estimation in the frequency-domain methods, allowing potentially lower-
latency implementations. This approach can also prevent the ICI and phase
drifts for multi-carrier systems. Additionally, the SFO and STO estimation
can be separated from CFO and PO because the clock offsets affect only
sampling instants, while the carrier offsets results in phase drifts. Finally,
the time-domain SFO estimation can be performed utilizing real-valued
signals [160], leading to potentially lower computational complexity compared
to frequency-domain methods.
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In Paper F, an approach based on time-domain SFO estimation is pro-
posed, allowing for low-complexity joint estimation of SFO and STO even in
the presence of other synchronization impairments.

4.2.3 Compensation Methods

SFO compensation can also be carried out in either the frequency do-
main [77,94,175] or time domain [77,87,91-94]. The frequency-domain
methods can mainly be used for multi-carrier systems by applying subcarrier-
dependent phase rotations, and this approach can be efficient only for small
offsets, i.e., with negligibly small ICI term as discussed in [77] and [94]. In
contrast, the time-domain interpolation methods can generally deal with
much larger SFO values by providing precise correction, significantly out-
performing the frequency-domain phase correction method, especially, for
wideband signals and systems with small subcarrier spacing [77,94]. Existing
time-domain methods typically implement SFO compensation using a VFD
filter, specifically, the Farrow structure [92-95] shown in Fig. 3.1, allowing
low implementation complexity. In this case, the output of the compensator
with the frequency response given by (3.1) is expressed as

L

y(n,d) = d"[z(n) * hy(n)), (4.11)

k=0

where x(n) is the input signal, hi(n) represents the impulse response of the
subfilter Hy(z), with x denoting convolution, and d stands for the fractional
delay. In the context of the SFO compensation, the fractional delay is time-
varying as it accumulates with the sample index. Considering also a fixed
fractional STO from (4.3), d can be expressed as

d(n,Ae) =nA +e. (4.12)

In Paper F, the proposed SFO estimation algorithms exploit the compen-
sator’s structure and use only one real-valued signal component for estimation,
thereby reducing the overall implementation complexity.

4.3 Joint Impact of Sampling and Carrier Fre-
quency Offsets

For multi-carrier systems, both SFO and CFO appear as phase rotations
per subcarrier. Additionally, the sampling and carrier frequencies can be
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Figure 4.5: The impact of CFO and PO on constellation diagrams of 1024 received
16-QAM symbols using a single carrier transmission with 80% occupied bandwidth.
Here, the CFO and PO are v = 600 ppm and ¢y = 0.057, respectively.

coupled through a shared reference oscillator, creating frequency dependent
drifts. Therefore, SFO and CFO are commonly analyzed and estimated
jointly [77,86-91].

4.3.1 Carrier Frequency Offset Impact

First, the impact of CFO alone is considered here. A sampled signal distorted
by an offset Acro between carrier frequencies and an initial phase mismatch
¢0, known as PO, can be expressed as [185]

Ta(n) = wo(n)eI CrH0), (4.13)
where zo(n) is the reference signal and

~ Acro

Jo

is the CFO normalized to the sampling frequency. The impact of CFO
and PO on a single-carrier transmission of a 16-QAM wide-band signal is
illustrated in Fig. 4.5, highlighting that both offsets result in constellation
rotations where PO introduces rotations by a fixed angle and CFO leads to
rotations increasing with the time index. In the frequency domain, the CFO
appears as a shift of the original spectrum (i.e., spectrum of the transmitted
signal), while PO results only in a constant phase shift, and thus, does not
affect the magnitude spectrum.

In contrast, for a multi-carrier signal, the CFO synchronization stages
must account not only for a phase rotation but also for ICI. For example,

(4

= AcroT (4.14)
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a received OFDM signal with CFO and PO after removing the CP can be
expressed as [185]

N/2-1
E : sped Nk el (2mgntdo)
k=—N/2

k

2\'“

(4.15)

)

where N is the total number of subcarriers, s is a complex data symbol, and
in (b) the definition of the normalized CFO in (4.14) and the definition of
the sampling frequency in term of the subcarrier spacing A fgy, from (4.8)
are used. After the DFT, the fth subcarrier can be expressed as [185]

Nj2-1
X () = /% (Sz%e + > 5kQ€,k> (4.16)
k=—N/2
-,
with gy ¢ being the scaling and rotation coefficient for the ¢th subcarrier due
to CFO given by

eI (N=1) sin(my V) ' (4.17)

e = N sin(me))

Note that the coefficient gy, does not depend on the subcarrier index /,
meaning that the CFO causes a common rotation and amplitude distortion
for all subcarriers. The second term, g 1, denotes the ICI coefficient given by

‘ B A . 0 —k — Acro
it e-h-ggE0) _ sinlm( siw) )

Nsin(r (¢ — k — £$2)/N)

Qi =€

As an illustration, the CFO and PO effects on the constellation diagrams
of 16-QAM symbols transmitted using the OFDM modulation are shown in
Fig. 4.6, and the CFO effect on the OFDM spectrum is shown in Fig. 4.7.
Compared with single-carrier QAM constellations in Fig. 4.5, CFO in OFDM
causes rotations of the constellation of each subcarrier by the same fixed
angle. However, the presence of ICI introduces additional distortion. In the
frequency domain, the CFO shifts the original OFDM spectrum relative to
the FFT bins used at the reference as shown in Fig. 4.7. As a result, the
orthogonality between the subcarriers is lost, resulting in ICI.
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Figure 4.6: The impact of CFO and PO on the constellation diagrams of 10 OFDM
symbols with 819 active subcarriers out of 1024 (80% occupied bandwidth) and
16-QAM data symbols. Here, the CFO and PO are 1) = 600 ppm and ¢y = 0.057,
respectively.
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Figure 4.7: Spectrum of an OFDM signal due to CFO with ¥ = 0.01. Due to CFO
all subcarriers are shifted to the left by the same amount.

4.3.2 Joint Impact of SFO and CFO

When both SFO and CFO together with STO and PO are present, the result
is

23(n) = 24(n(1 + A)T + ) @ricro(n(+2)T+e)+¢o) (4.19)

In OFDM systems, the distorted time-domain signal is given by

N/2-1
x3(n) = \/1—_ Z spe’ REA+a)n JQTﬁseﬂﬂACFon(HA)T ](%ACFOH%)
N k=—N/2
. o N/2—1 .
21rk: us 5
© \/Ne i (2m et ) S sl R Feizmin(148) (4 90)
k=—N/2
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where in (c) the definition of the normalized CFO in (4.14) and the definition
of the sampling frequency in term of the useful data duration 7T}, from (4.8)
are used. After the DFT, the /th subcarrier can be expressed as

N/2—1

Xg(f) _ ej(27r%e+¢o) Z skej%f
k=—N/2
/ . (4.21)
y % Z oI B2 (6-(1+2)k) Jj2myn(1+4)
n=0

This means that the phase rotation, scaling, and the ICI term coefficients
depend on all distortion parameters, making it complicated to utilize a
separate SFO or CFO estimation method only relying on phase differences
between the subcarriers over several OFDM symbols. For this reason, many
joint SFO and CFO estimation approaches have been proposed [77,86-91].

However, SFO is an inherently time-domain distortion. Therefore, the
time-domain SFO estimators can utilize the timing drift to estimate the SFO
first, then resample the signal using the time-domain interpolator, and further
proceed with the following CFO estimation using available methods [178].
For multi-carrier systems, this approach enables correcting the SFO before
performing the FFT, keeping only the impact of CFO for the subcarriers. In
Paper F, the proposed time-domain SFO estimation approach demonstrates
the effectiveness of the approach even in the presence of CFO and PO.
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Chapter 5

Power Amplifier
Nonlinearities

This chapter gives an introduction to PAs, their challenges and the effect of
using them in cascade.

5.1 Power Amplifier Challenges

In practical communication systems, the achievable communication range is
directly determined by the transmitted signal power. PAs are responsible
for amplifying the signal before it is transmitted. Therefore, they constitute
one of the most critical components in the RF front-end of a communication
transceiver. At the same time they represent one of the most power hungry
devices in the transmitter chain. Since power consumption is a critical factor
in many communication devices, PAs are required to operate in the most
efficient regime [187]. The efficiency of a PA shows how effectively the
amplifier converts the supplied DC power into useful RF output power. It is
commonly evaluated through the drain efficiency metric given by

n= Pout
Ppc’

(5.1)

with P,y being the average RF output power and Ppc being the DC power
consumed by the PA [5,188].

One of the ways to increase the power efficiency of PAs is to utilize
the supply power more effectively, for example, operating at a power level
closer to their maximum output power, i.e., near the saturation point [188].
However, practical PAs exhibit nonlinear transfer characteristics. Therefore,
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Figure 5.1: A typical PA amplitude characteristic.

operating closer to the saturation region results in a nonlinear regime. A
typical PA amplitude characteristic is illustrated in Fig. 5.1, highlighting the
difference between a real (nonlinear) and ideal (linear) PA behaviors as the
input power increases. This behavior is especially important to consider for
waveforms with high PAPR because large variations in the signal envelope
can push the PA into its nonlinear operating region. Typically, PAs are either
linear and inefficient (for low input powers) or nonlinear and efficient (for
high input powers) [187,188]. This trade-off has been widely investigated
for many years, leading to the development of various techniques aiming at
improving both linearity and efficiency [189-199].

5.1.1 Behavioral Modeling

To understand the impact of PA nonlinearities to the incoming signal and
ensure linear or near-linear operation regime, behavioral modeling of PAs is
essential [97,200-202]. In many communication systems, signals transmitted
at a carrier frequency f. are modeled as narrowband bandpass signals, i.e.,
the signal bandwidth is much smaller the carrier frequency. Under this
assumption, the PA input zgpr(t) and output yrr(t) passband signals can be
conveniently represented using complex baseband equivalent models given
respectively by

xrr(t) = R{z(t) exp(j2r fct)}, (5.2)
yre(t) = R{y(t) exp(j2n ft)},

where z(t) and y(t) are the corresponding complex baseband signals [5,201].
Assuming ideal sampling of the baseband signals, the complex envelopes in
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the discrete-time form can be expressed using in-phase (I) and quadrature
(Q) components as

z(n) = x1(n) + jzq(n), (5.4)
y(n) = y1(n) + jyq(n). (5.5)

Measurements on the PA nonlinear effects generally include dynamic am-
plitude distortion captured via amplitude-to-amplitude modulation (AM/AM)
curves and phase distortions captured via amplitude-to-phase modulation
(AM/PM) characterization [188]. To model AM/AM and AM/PM simul-
taneously, numerous models have been proposed, among which polynomial,
Rapp, and Volterra series models are the most widely used [5,97,201-203].

Memoryless Models

Among various available models, memoryless models provide the simplest
form by describing static PA effects.

Memoryless polynomial model: One of the simplest and most commonly
used approach is to utilize a memoryless polynomial model. It is expressed as

Z n)P, (5.6)

p=1

where a, denotes the complex coefficients and P represents the nonlinearity
order. In the case of bandpass RF signal transmission, only odd-order terms
are typically included in (5.6), i.e., p is odd, because they produce distortions
around the carrier frequency, and after downconversion, this falls inside the
baseband signal causing in-band distortion and slightly outside the band
causing spectral regrowth and adjacent channel interference. In contrast, the
appearance of even-order terms is outside the narrowband spectrum of the
signal and can often be removed by RF filtering [5,188]. Polynomial models
are often used in system-level simulations because of their their simplicity
and ease of parameter estimation [105,204-206].

Rapp and modified Rapp models: While the original Rapp model in
[207] approximated only the amplitude distortion, the modified Rapp model
approximates both AM/AM and AM/PM curves [104,208]. They are given
by

Fa(la(n)l) = —d=#@l____ (5.7)

(1 + (g\m(f:n) >2”
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Ala(n)|*
e

where g denotes the small signal gain, p represents the smoothness factor, Viat
stands for the saturation voltage coefficient, and A, B, ¢1, g2 are AM/PM
distortion curve parameters. Then, the PA output can be expressed as

Fe(lz(n)]) = (5.8)

y(n) = Fa(|z(n)])e (FelzmDraetzm}) (5.9)

The Rapp model or modified Rapp models are often used to evaluate system
performance under realistic PA saturation effects [100,209-211].

Memory-Based Models

While memoryless models capture mainly static effects of PAs, dynamic
effects can be modeled using behavioral models with memory [188]. Among
many behavioral models available in the literature, memory polynomial
and generalized memory polynomial are the most commonly used because
they provide a good balance between modeling accuracy and computational
complexity.

Memory polynomial model: The memory polynomial model represents
one of the simplest forms of behavioral models that incorporate memory
effects. It is given by

P M-1
=3 > bpma(n —m)|z(n —m)P, (5.10)
p=1 m=0
where M and P denote the memory depth and nonlinear order, respectively,
while by, represent the model coefficients [5,190].

Generalized memory polynomial: This is an extension of the memory
polynomial model, providing better accuracy for modeling PAs exhibiting
strong memory effects by additionally accounting for cross-memory terms. It
is represented by

Py Mg—1

= Z Z apmr(n —m)|z(n —m)P~?

p=1 m=0
P, My—1 L

+D> 0D bpe(n —m)|z(n —m — )P (5.11)

p=1 m=0 (=1
P, M:.—1 L.

+3° 3 e (n — m)|a(n — m+ )P,

p=1 m=0 (=1
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Figure 5.2: A typical spectrum at the output of a PA.

where P, and M, are the number of coefficients associated with the aligned
signal-envelop terms (as in the memory polynomial model). Specifically, P,
denotes the nonlinear order and M, represents the memory depth. Further,
Py, My, and Ly are the number of coefficients associated with the lagging cross-
memory terms, where the signal interacts with the envelope of the delayed
signal, with L; being the lagging envelope memory depth. Similarly, P,, M.,
and L. determine the number of coefficients for signal and leading envelope.
Correspondingly, apm, bpme, and ¢y represent the model coefficients [190].

Volterra series: The Volterra series is a more general model that can
capture both linear and nonlinear memory effects of PAs. However, it is
computationally complex and often not practical for real-time applications.
Therefore, it is typically used for theoretical analysis and system-level simu-
lations [5].

5.1.2 Linearization Techniques

The nonlinear behavior of PAs near the saturation point can be also seen
as spectral regrowth in the frequency domain, caused by intermodulation
between frequency components of the signal. These nonlinear products appear
both within the signal band and outside the allocated bandwidth, leading
to adjacent channel interference [188]. A typical output spectrum of a PA,
illustrating spectral regrowth caused by nonlinear amplification, is shown in
Fig. 5.2.

To reduce the distortions and prevent interference with adjacent channels,
it is common to back-off the output power of the PA [187,188, 193], which is
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known as output power back-off and given by

(5.12)

out

P1dB
OBO = 1010g10 (O d ),

where OP1dB is the output power at the 1 dB compression point, i.e., the
output power at which the gain of the PA is compressed by 1 dB compared
to the ideal linear gain. This can force the amplifier operating within a
more linear regime [185]. Alternatively, input power back-off measures the
reduction of the input power P, sa relative to IP1dB, which is the input
power level producing OP1dB, as

(5.13)

m

1P1dB

However, power back-off generally leads to reduction of PA efficiency [188].

PA linearization techniques are employed to improve the linearity while
maintaining an acceptable level of power efficiency [5]. This can be also seen
as extension of the effective linear operating region of the amplifier towards
its saturation point. As a result, a smaller back-off is needed for the PA
compared to the initial (nonlinearized) case, leading to improving the power
efficiency.

Among various linearization techniques that have been extensively studied
over the years, digital predistortion (DPD) has received most attention and
is widely adopted in many practical systems. The main idea of DPD is to
digitally pre-compensate the signal incoming to the PA so that the cascade
of the predistorter and the amplifier produces the overall linear response [5].
Numerous DPD techniques have been proposed in the literature for efficient
linearization of PAs [190, 191, 194-198,212-216], but since this is not the
focus of this thesis, this topic will not be discussed further here.

5.1.3 Performance Metrics

To evaluate the impact of PA nonlinearities, it is common to use the normal-
ized mean squared error (NMSE), which provides a general indication of the
overall distortions. It is defined as

NVSE _ S () — y()P
Tl )P

where d(n) = Gz(n) is the desired output with the ideal linear gain G,
and y(n) is the PA output signal. However, this metric does not distinguish

: (5.14)
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between the distortions occurring within the signal bandwidth and outside the
signal bandwidth. Therefore, additional in-band and out-of-band performance
metrics are also used [5].

The adjacent channel leakage ratio (ACLR) characterizes the out-of-band
distortions and quantifies the amount of unwanted power leaked into adjacent
frequency bands. It is measured as the ratio between the power in the
adjacent channel with the largest power and power measured in the main
channel, i.e.,

2

fmax. adj. ‘Y(f)}
Ja Y OF

where Y (f) is the power spectrum of the signal y(n) [212].
The error vector magnitude (EVM) quantifies the distortions introduced
within the signal bandwidth and is defined as

ACLR =

(5.15)

_ 2
221201 ‘dn - 3”‘
N-1 2
Zn:O ’dn‘
where d,, and s,, are the nth transmitted and received symbols after down-
sampling [212].

EVM =

: (5.16)

5.2 Cascaded Power Amplifiers Challenges

The challenges associated with a single PA become substantially more complex
when a number of PAs are used in cascade. Specifically, nonlinear distortions
from each amplifier accumulate with those from preceding stages, resulting
in more severe nonlinear behavior and greater spectral regrowth after several
stages. This leads to the need of a larger back-off, thereby significantly
reducing the PA efficiency, i.e., the trade-off between linearity and efficiency
is more difficult to maintain.

Systems involving cascaded amplifiers have been known for several years
[94,108-110,217], but the effect of cascaded nonlinearities has not been fully
studied in these areas. Moreover, many papers assumed that the nonlinear
effect is negligible. This thesis focuses on cascaded PAs, particularly, Paper H
addresses this issue by modeling the cascaded PAs, analyzing the total
nonlinearities and optimizing the parameters of the PAs to mitigate the
severe effect of their cascade connection.
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Chapter 6

Concluding Remarks and
Thesis Contributions

This doctoral thesis investigates efficient signal processing techniques for
reconfigurable communication system front-ends and presents contributions
in three areas, specifically, design and implementation of VDFs, efficient
sampling clocks synchronization, and analysis of cascaded PA nonlinearities.

In the area of VFDs, Paper A proposes implementations and systematic
design procedures for RLPE based on minimax optimization, while Paper B
investigates an analysis of chip area and power consumption for an ASIC
implementation of the RLPE. Further, Paper C presents low-complexity
frequency-domain implementations of VDFs designed in the time domain,
while Papers D and E introduce efficient frequency-sampling-based design
approaches for a variable-bandwidth FIR filter implemented in the frequency
domain using minimax and LS optimization methods, respectively.

In the area of sampling clocks synchronization, Paper F proposes a joint
SFO estimation and compensation framework based on a VFD filter, while
Paper G introduces a generalized accumulator-based approach for efficient
computation of the components in the proposed SFO estimation algorithm.

In the area of cascaded PAs, Paper H presents the results of modeling,
analysis, and optimization of cascaded PA parameters to mitigate the severe
effect of the accumulated distortions.
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